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Abstract

Modern low-voltage (LV) submicron CMOS technologies with large second or
higher order effects put great challenge in designing high performance analog build-
ing blocks for increasingly popularized portable battery-powered applications. Body-
driven (BD) MOSFET is equivalent to a depletion type device and compatible with
standard CMOS technology. Although BD technique has great potential to achieve
LV operation, few practical BD circuits have been proposed due to two reasons: 1)
BD technique is a new research area; 2) MOSFET models are optimized for conven-
tional gate-driven (GD) MOSFETs. Their accuracy in simulating BD MOSFET has
not been investigated. So far, no research has been carried out on BD MOSFET
modeling. The objective of this Ph.D. work is to exploit the potentials of the BD
technique by 1) carrying out a comprehensive study on the industry-standard model’s
performance in simulating body-driven MOSFET; 2) presenting solutions and an im-
proved model for BD MOSFET that improve the simulation accuracy; 3) predicting
the future prospects of the body-driven device performance; 4) proposing and imple-
menting novel high performance BD analog signal processing building blocks for LV
operation. Specifically, a novel 1 V/1.5 V regulated current mirror (CM) is developed
based on BD technique and active feedback scheme. An optimum design methodol-
ogy is formulated based on the complete analysis of the input/output characteristics,
system DC current transfer error and pole/zero locations. A 1.8 V differential BD op-
erational transconductance amplifier (OTA) is also presented that achieves enhanced
linearity as well as relieves the conventional trade-off between the input range and
tuning range. Detailed analysis addressing the design concerns is provided. Finally,
a 3™ order elliptic low-pass filter is implemented by using the proposed OTA and
synthesized from a doubly terminated passive LC ladder. It features high linearity,
wide signal swing and tuning range, as well as good dynamic range.

Xv



Chapter 1

INTRODUCTION

The motivation and objective of the research described in this thesis are discussed in

this chapter.

1.1 LOW-VOLTAGE DESIGN STRATEGIES

Fast growing broadband wireless and wireline system industry demands smaller,
faster, cheaper, low power (LP), low voltage single chip implementations (SoC). This
results in the fast scaling of CMOS VLSI technologies and power supply voltages.
According to the International Technology Roadmap for Semiconductors (ITRS) 4],
the power supply is expected to be as low as 0.3 V with device sizes below 13nm by
the year of 2016. Digital CMOS circuits definitely benefit greatly from the scaling
with respect to higher integration levels, faster operation speed, as well as decreased
power consumption (x V3p). Unfortunately, high performance analog circuits be-
come increasingly difficult to implement with the scaling trend mainly due to the

following reasons:

e Threshold voltage cannot be scaled proportionally with the power supply volt-
age from the point of view of leakage current and standby power. The leakage

current for a MOSFET can be written as
Lok = WIe VinlVo (1.1)

where
W = the effective transistor width of the MOSFET,

I; = the zero-threshold leakage current,

1



Vin = the threshold voltage,

V, = the subthreshold slope.

The influence of drain voltage and reverse biased diodes on the leakage current
is ignored. Equation 1.1 reveals that the leakage current increases with the
reduction of V}; at exponential scale. Such subthreshold behavior originates
directly from fundamental thermodynamics and is independent of power supply
voltage and channel length. Hence, in order to prevent this drastic leakage
current increase, the threshold voltage (V;;,) should not be scaled down with
the same rate as the maximum allowable power supply voltage. This directly
results in the decrease of signal headroom. Since the noise floor stays at a

relatively constant level, the circuit dynamic range is degraded as well.

MOSFET scaling leads to severe Channel Length Modulation (CLM) effect.
Seeing from the device level point of view, CLM effect reduces the MOSFET
output resistance ry, and the intrinsic small signal gain that is given by gm74s,
where g, is the small signal transconductance of the MOSFET. In analog cir-
cuit design, smaller MOSFET gain leads to less settling accuracy in feedback
topologies and worse linearity. Traditionally, cascode topology featured with
“stacked” devices is widely used to compensate the above performance loss.
Every “stacked” device enhances the circuit output impedance by a factor of
gmTds. However, the number of “stacked” devices is strictly limited by the

voltage headroom required for each device in low-voltage applications.

MOSFET scaling results in higher minimum-size MOSFET mismatch that is
extremely important in affecting the performance of many analog circuits, such
as differential pairs, CMs, Analog to Digital (A/D) and Digital to Analog (D/A)

converters.
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Due to the above difficulties, LV analog IC components become the major and chal-
lenging bottleneck in CMOS SoC design. An adaptation of alternative CMOS design
techniques to suit the low voltage environments have been reported, such as sub-
threshold operation [5], BD technique [6-13], floating gate technique [11-14], and
self-cascode technique [11-13,15].

1.1.1 Body-Driven Technique

B D S§)2 G P Channel

K —— A

Depletion layer

p-substrate

Figure 1.1: Cross section of a PMOS in N-well technology.

"The cross section of a PMOS structure in N-well is illustrated in Figure 1.1. For
a conventional MOSFET, gate-source voltage Vg is used to control the conductivity
of the channel, hence the drain current. The influence of bulk-source voltage Vg on

Isp (shown in Equation 1.2) is considered as a parasitic effect, i.e., body effect.

%#Cox% (VSG - 'Vth|)2 VSD > VSG’ - 'Vthl
Isp = w . (1.2)
1Cox - (Vs — IVinl — $Vsp) Vap  Visp < Vise — Vil

where
W/L = MOSFET aspect ratio,
4 = mobility of the carriers,

Coz = gate oxide capacitance per unit area,

[Verl = [Venol + vv/2[¢r| + Vs — 71/ 2],



v = body effect coefficient,

|Vino| = value of |V;4| at zero substrate bias Vs =0,

|¢r| = absolute body Fermi potential whose typical value for a substrate doping of
4 x 10' cm™3 is 0.44 V.

Except from the quantitative expression, it is important to give a qualitative de-
scription of the body effect from the physics point of view. For a PMOS with zero
body bias (i.e., Vsp = 0), it is known that inversion layer forms when the source-gate
voltage is sufficiently high. In this case, negative charges are placed on the gate,
while positive charges/holes are contained in depletion region. Assume that Vg is
large enough to cause strong inversion. The inversion layer with abundant holes and
the lightly doped substrate form a field-induced pn junction. This junction behaves
similarly as the regular pn junction and Vg is equivalent to the reverse bias of the
pn junction. Increasing Vpg widens the depletion region under the strongly inverted
surface. If Vsq is kept constant, the total positive charges under the oxide remain
constant. However, since the increased depletion width contributes more positive
charges, fewer holes are actually needed in the inversion level. Thus, the level of
inversion decreases. Therefore, the induced channel current drops.

For a BD MOSFET, the body-effect is utilized as the major factor to change the
channel conductivity. This is done by applying the input voltage to the body termi-
nal, while biasing the source-gate voltage to be a constant value that is large enough
to always turn on the MOSFET, as shown in Figure 1.2(a). Figure 1.3 shows the DC
performance of the BD MOSFET and conventional GD MOSFET. Vj, pequalstolV.
The aspect ratio of the PMOS is chosen as W/L = 0.5 um/0.18 ym. Body terminal is
tied to its source for GD PMOS, while source-gate voltage is biased to be 1 V for BD
PMOS. Vp, is set to be 0.5 V. As clearly illustrated in Figure 1.3, BD MOSFET op-
erates similarly as a JFET. This depletion characteristic removes the requirement of

turn-on threshold voltage V;;,. Hence, BD circuits can easily achieve high signal swing



V.. +
bias \__
<> PMOS
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(a) BD MOSFET

(b) GD MOSFET

Figure 1.2: BD and GD MOSFETs.

Vb

= Body-driven
- == Gate-driven

-0.5

"
-2 -15 -1
Vgg Of Vag V)

(b} V — I DC performance

(a) MOSFET testing configuration
Figure 1.3: DC performance of BD and GD MOSFETs.



6

with low power supply voltages. Assuming MOSFETS operate at saturation region,
the comparison of BD and GD MOSFETs is summarized in Table 1.1 [10]. MOSFET
characteristics including transconductance, transition frequency, and power spectral

density of the input-referred noise are considered, where

Table 1.1: Performance comparison of BD and GD MOSFETs

_ MOSFET BD |
Transconductance Imb
fr gmb/ (27(Chs + Chsup + Cha))
Noise ) + ey + 4kT
(%)2 (ZzN=1 Rgi/K2 + Ezj\; Rbi)
MOSFET GD
MTransconductance Im
fr Gm/ (27"(Cgs + Cya))
Noise e+ iy + 4kT
(%)2 (Zfil Rgi + K? Zfil Rbi)

gms = body transconductance,

Cps = body-source capacitance,

Chrsup = body-substrate capacitance,

Cys = gate-source capacitance,

K = gmb/gm,

N = number of fingers for an interdigitated MOSFET structure,

KF = flicker noise empirical parameter that depends on fabrication process,

AF = exponential parameter with variation between 0.7 and 1.2,

Ry; = effective series bulk resistance for the ith gate finger,

Ry; = effective series gate-metal resistance of the ith gate finger,

Although BD circuit is especially appealing for low voltage applications, it has dis-
advantages: gms is typically smaller than g,, by 0.2 to 0.4 times [10]. This property
makes the BD MOSFET to have lower transition frequency and higher input referred



noise than conventional GD MOSFET.

As far as technology is concerned, only N(P) channel BD MOSFETs are available for
single P(N)-well CMOS process conventionally. However, under the demand of the
vast increasing mixed-signal system designs, standard CMOS processes with extra
features have been developed nowadays which provide the possibility to build both
types of BD MOSFET:s on a single chip. For example, Taiwan Semiconductor Man-
ufacturing Company Ltd. (TSMC) [16] offers standard N-well processes with deep
N-well option for 0.25 gm and smaller technologies. This option yields isolated P-
wells. Thus, each N-channel MOSFET that requires individual body potential can be
easily built in these isolated P-wells. IBM [17] also offers industry-standard 0.18 um
(and smaller size) CMOS process that is twin-well technology as well as offers the
option of isolated triple-well NMOS. Therefore, it is no longer a problem to have both
BD NMOS and BD PMOS in state-of-art CMOS processes.

1.1.2 Floating-Gate Technique

Since floating-gate (FG) devices were first proposed in 1967 [18], FG technique has
been widely used in digital memory circuits such as erasable programmable read-only
memory (EPROM), electronically erasable programmable read-only memory (EEP-
ROM), and flash memory [19-21]. Completely surrounded by the silicon dioxide which
provides excellent electric isolation, the floating gate can store data for long time.
Therefore, the FG MOSFET's were primarily used as data storage devices originally.
Only in the late 1980s, multiple-input floating-gate (MIFG) devices started to be
utilized in analog circuits, such as analog memories [22,23], trimming circuits [24,25],
low voltage operational amplifiers and filters [26-29]. FG devices normally require
two poly layers: the control gate layer and the FG layer. Therefore, fabrication of
FG devices may require nonstandard CMOS fabrication process: double-poly process,

which is provided by limited silicon foundries such as austriamicrosystems (AMS) [30].
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The cross section of a MIFG MOSFET is shown in Figure 1.4. Its operation principle

el ],

p-substrate

Figure 1.4: Cross section of a FG MOSFET in double-ploy process.

1s to process signals by linearly summing a number of input voltages on the FG (via,

a capacitive voltage divider).

For simplicity but without losing generality, two-input FG MOSFET is shown in

FG D oD
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(a) Schematic symbol (b) Equivalent circuit

Figure 1.5: Two-input FG MOSFET.

Figure 1.5. The FG voltage (Vrg) can be expressed as

2
Vi = <QFG + CrapVp + CrgaVe + CrasVs + z CGiVi) /Cr (1.3)

i=1



where

QFr¢ = the amount of charge stored on the FG,

Crcp = the coupling capacitance between the FG and the drain,

Crep = the coupling capacitance between the FG and the body,

CFrgs = the coupling capacitance between the FG and the source,

Cgi = the coupling capacitance between the FG and the ith control gate, i=1,2,

Cr = Cg1 + Cea + Crgp + Crap + Cros.

For low voltage analog circuits, FG normally does not have static charge, i.e., Qpg =
0. Also, Cg; is deliberately made to be much larger compared with other coupling
capacitors, i.e., Cg >> Crgp,Crgp, Crgs. This can be readily attained through
proper layout techniques [19,31]. If one input (node 2) is used as biasing terminal to
reduce or even cancel the threshold voltage, the other terminal (node 1) is used as

input terminal, the drain current in saturated FG device is expressed as

1 W C C 2
Ips = UCog—— CGI {Vl Vs — [Vth + C—GZ (Vin — Vz)] } . (1.4)

where Cp =~ C) + C,. Thus, the effective threshold voltage Viperr seen by input

terminal is

Cao
Viness = Vin + (Vth - Va). (1.5)

By properly selecting the bias voltage V3 and the coupling capacitors (Cgo and
Cec1)s Viness can be adjusted to be much lower than the threshold voltage of a MOS-
FET. This makes FG a promising technique to overcome the threshold voltage limita-
tion and achieve ultra-low voltage operation. However, the effective transconductance
gmess and output conductance gy, s of the MIFG MOSFET are smaller than those
of the traditional MOSFET due to the capacitive voltage divider effect and the capac-
itive coupling effect between the gate and the drain. Taking two-input FG MOSFET
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for example, g ers and guse5s are expressed, respectively, as

Ce
Gmefs = C—Tlgm (1.6)

Crep
Cr

Gds,eff = Gds + Im (17)

‘Therefore, the MIFG devices achieve low-voltage operation at the expense of degraded
transconductance and the gain-bandwidth-product as well as increased silicon area.
Basic MIFG analog building blocks such as simple CM and differential pair are shown
in Figure 1.6.

It is worth mentioning that, for single-input FG device, the effective threshold volt-

M
=

(a) CM (b) Differential pair

Figure 1.6: MIFG building blocks.

age seen from the control gate can be adjusted by varying the amount of the static
charge on the FG. Transferring electrons onto the FG increases the effective threshold
voltage, while removing electrons from the FG decreases the threshold voltage. There
are mainly three programming mechanisms to accomplish this task: ultra-violet light,
hot-electron injection and Folwer-Nordheim tunneling. However, the additional pro-
gramming circuits and high programming voltage limit the single-input FG devices

in low voltage applications.
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Figure 1.7: Self-cascode MOSFET.

1.1.3 Self-Cascode Technique

Self-cascode MOSFET [15, 32] has high output impedance as conventiona) cascode
topology does, but it avoids the disadvantage of the cascode topology — loss of linear
output signal swing. As shown in Figure 1.7, the self-cascode MOSFET consists of
MOSFETs M, and M, connecting in series with their gates tied together. Since M;
operates in deep triode region, Vpg; is quite small. Hence, the saturation voltage of
the self-cascode MOSFET is similar to that of the simple MOSFET, which makes
the composite MOSFET feasible for low-voltage applications. Assume M; and M,

have the same threshold voltage. Depending on the operation mode of Ms, the drain

current Ip is expressed as

I %uCoz (%)eq (Vgs — Vth)2 if M, — saturation region
D =
/LCM; (%)eq (VGS - Vth - %VDS) VDS if M2 — linear region
Hence, the combined MOSFETs are equivalent to a single MOSFET operating in

saturation or linear region with an effective aspect ratio of

(v) - (<%>2 (),

(1.8)

L )+ (5
For optimum operation, the aspect ratio of M, is normally chosen to be much larger
than that of M;. In this case, (W/L),, &~ (W/L);. If the composite MOSFET op-

erates in saturation region, the output impedance equals to ImaTds2Tds1, Where gms
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is the transconductance of My, ryqs and 7y are the output conductance of M; and
M, respectively. The circuit characteristics of the self-cascode and the conventional
cascode topologies are compared in Table 1.1.3. It should be noted that although

Table 1.2: Comparison of self-cascode and conv. cascode topologies

Topology 9m Tout ‘/out,min
Self-cascode | gm1 | gmaTdsaTast | = Vpsar
Cascode | gm1 | gmoTdsaTds1 | 2Vpsar

self-cascode and conventional cascode topology have the same output impedance for-
mat, 7o, of self-cascode topology is smaller than that of the conventional cascode
topology. This is because both transistors in conventional cascode topology operate
in saturation region, while one of the transistors in self-cascode topology operate in
linear region. Although self-cascode topology provides higher output swing, the in-
put still suffers from threshold voltage limitation which is a major hurdle to achieve

low-voltage applications.

1.1.4 Level-Shifting Technique

Level-shifting technique is used to reduce the power supply requirement by adding
extra circuits to shift the signal DC level to a lower level. This technique is illustrated
by an example. Figure 1.8 shows a modified simple CM using level-shifting technique.
Instead of short connecting the drain and gate terminals of MOSFET M; as the
conventional simple CM does, a DC level-shifting voltage V, is added between these
two terminals. This method reduces the minimum input voltage requirement to
Vpsar as compared to Vi, + Vpgar of the conventional CM. In practice, the DC level
shifting can be implemented by a source follower as shown in Figure 1.8(b). Similarly,
level-shifting technique can be utilized to other conventional CM structures that have
diode connections at the input.

Conventionally, the application of level-shifting technique is mainly limited to current
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(a) Conceptual topology (b) Circuit implementation

Figure 1.8: Modified simple CM with level shifting technique.

mirror structures. Recently, this technique is extended to 1 V rail-to-rail operational
amplifier designs and the concept of dynamic level shifting [2] was proposed. The
parallel-connected complementary differential pairs in the input stage (Figure 1.9) are
traditionally used to fully exploit the limited signal room resulted from the limited
power supply values. However, for extremely low voltage supplies (such as 1 V), this
topology loses its merit by leaving a “dead” zone around the mid-range of the power
supplies: neither NMOS nor PMOS pairs are turned on in this range. Dynamic level
shifting solves this problem by shifting the input voltages (Vi4+ and V;_) adaptively
based on the value of V., where Vj, is the common mode component of the inputs
and Vi, = (Viy + Vi_)/2. When V. is within the “dead” zone, Vi, (V;-) is shifted
up (down) to turn on NMOS (PMOS) pair; when V. is close to one of the power
supplies, no shifting will be applied to the input pairs. This adaptive mechanism
is implemented by the level-shifting current generator and resistors. The concept of

dynamic level-shifting is illustrated in Figure 1.10. The common mode components



(a) Schematic
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Figure 1.9: Complementary differential pair input stage.
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Vem,shife for NMOS and PMOS pairs are

Vie+ IR for NMOS pair
Vie— IR for PMOS pair

‘/cm,shift =

oV, .
vi.-mI:>To NMOS pair

oV, .
g V:«:D To PMOS pair

Figure 1.10: Concept of dynamic level shifting [2).

Obviously, dynamic level-shifting technique increases the circuit complexity, power

consumption as well as noise.

1.1.5 Subthreshold Technique

In subthreshold (weak inversion) region, MOSFET exhibits exponential relationship

between gate voltage and drain current as shown in Equation 1.9 (33, 34].

Ip & IDO,VIIJ_/chB/nUT (e“VSB/UT — e"VDB/UT) (1.9)

where

Vep = gate to body voltage,
Vsp = source to body voltage, |
Vpp = drain to body voltage,
n = (Coz + Caept) /Cos = 1.5,

Coz = oxide capacitance,
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Claept = surface depletion capacitance,

Ur = kT/q,

Ipg = characteristic current,

Ipg is a process-dependent parameter that varies from batch to batch, therefore, the
circuits should be designed such that their performance is based on the ratios instead
of the absolute values of the drain currents. For Vg = Vg = 0 and Vpg > Uy, which

is usually true for subthreshold circuit designs, Equation 1.9 can be simplified as
w
Ip= IDofeVGS/"UT (1.10)
The transconductance in weak inversion can be easily derived from Equation 1.10 as

Ip
=2 1.11
g nUr ( )

For a MOSFET, g,,/Ip reaches to the maximum value in weak inversion. It means
MOSFET reaches the highest processing rates per unit power at subthreshold op-
eration. This property as well as exponential input-output characteristics can be
beneficially utilized in many low power, low voltage and low frequency applications.
One application [35] is nonlinear systems analysis and synthesis (such as rms-dc
converters [36, 37, oscillators [38], phase detectors [39] and phase-locked loops [40])
based on translinear principle, which was first introduced by Gilbert in 1975 [41].
The second major application is log-domain filters designs [42-48] that rely on volt-
age companding principle. At the input stage of the log-domain filters, the input
currents are compressed logarithmically into voltage signals. Hence, the signal swings
are drastically reduced, that leads to reduced the power supply. After the signal pro-
cessing block, the voltages signals are expanded exponentially and converted back
to current signals. Although the signal is processed non-linearly within the circuit,
the overall linearity is preserved. Thus, the log-domain technique is well suited for
low-voltage analog signal processing applications. Since subthreshold MOSFETSs can

implement wide varieties of large-signal linear /nonlinear real-time functions, they are
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used in different applications such as neural networks, image processing and hearing
aids systems. One limitation of the subthreshold MOSFET is its small transconduc-
tances due to the small bias currents. In addition, log domain circuits are sensitive

to threshold voltage mismatch which leads to considerable linearity degradation.
1.1.6 Dynamic Threshold Voltage MOSFET

e G
D Sio, D

1 I

W

/4

Buried Oxide Buried Oxide
Si Substrate Si Substrate
(a) Cross section of SOI DTMOS (b) Cross section of SOI DTMOS

Figure 1.11: SOI DTMOS [1].

Dynamic Threshold Voltage MOSFET (DTMOS) is implemented by using silicon-
on-insulator (SOI) substrate. By connecting the gate electrode directly to the body
region [49-54] of a SOI MOSFET, the threshold voltage of MOSFET is dynamically
controlled: when the device is turned on, the threshold voltage decreases to allow
high switching speed and large current drive. When the device is turned off, the
threshold voltage increases to reduce the leakage current. Thus, DTMOS achieves
high speed and low stand-by power at low supply voltage. The cross section of SOI
DTMOS is shown in Figure 1.11. The DTMOS concept attracted a lot of research
attention since it was first proposed in 1994 [49]. Many novel circuit topologies based
on DTMOS and its derivatives have been proposed in a short period of time, such

as buffers and drivers [55-58], pass-gate logics [59-61]. By utilizing the low parasitic
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Table 1.3: Parasitic capacitance of SOI MOSFET [1]

Operation Mode Approximate value
Triode Cys = 1/2C4z, Cyq = 1/2C,y, Cppy = 0
Chs & Cra = /qNi€5i/2(Vii — Viias)
Saturation Cys = 2/3Csz, Cga = Cyap, Cgp = 0
Cis & Chy = \/quesi/Q(V;n' — Vbias)

capacitances and high drive-current characteristics of DTMOS, a 0.5 V multiplexer
and demultiplexer with high-speed, low-voltage, and low power was proposed in [62].
[63] and [64] indicate that DTMOS can be considered as a very promising candidate for
low-power, low-voltage RF applications thanks to its high current driving ability and
high output impedance. However, with both gate and body tied together, DTMOS
is prohibited to operate with gate-source voltages above the turn-on voltages of the
source/drain (8/D) junctions. Compared to conventional floating-body SOI, DTMOS
technology has another disadvantage: it has increased input parasitic capacitance due
to the added body capacitances such as body-source capacitance Cj, and body-drain
capacitance Cpq. Figufe 1.11(b) shows the parasitic capacitances of SOI DTMOS
and Table 1.3 gives their approximate values [1,49]. Cy, and Cjq are the pn junction
capacitances that vary with the bias voltage Vjqs. In Table 1.3, V4, refers to the built-
in potential; Ny is the doping density of the body; €, is the permittivity of silicon
and g is the magnitude of electronic charge. Gate-to-body capacitance Cgb is zero
due to the short connection of gate and body terminals. Cydo denotes the gate-drain
overlap capacitance and fringing capacitance. The third disadvantage of DTMOS
using SOI is high body resistance, which leads to speed degradation. Currently,
DTMOS technology is under investigation and verification mainly at device level.
Research activities in this area include finding techniques to overcome the above

limitations as well as building accurate models for DTMOS characterization.
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1.2 ORGANIZATION

This thesis focuses on body-driven technique and is organized into 5 chapters. Chap-
ter 2 discusses the model issues of BD MOSFETs. In this chapter, the accuracy of
the current industrial-standard model BSIM3V3 in describing the performance of BD
MOSFETs is evaluated. Modifications of BSIM3V3 are presented to achieve better
simulation accuracy. The scaling effects on the future performance of BD MOSFET
are also investigated.

Chapter 3 studies the weakness of the conventional BD CMs and proposes the design
techniques to enhance their performance. Later, Chapter 3 presents a novel high
performance regulated BD CMOS CM for low-voltage applications. Comprehensive
analysis of the proposed CM is carried out including DC characteristics, frequency
and noise performance. To facilitate the optimization, the design methodology is also
discussed in detail.

Operational transconductance amplifier (OTA) is another useful building block for
analog signal procession. In Chapter 4, the deficiencies of the existing OTA topolo-
gies in meeting the linearity requirements of low-voltage applications are discussed
first. By using BD technique, a differential triode-based OTA with enhanced linearity,
wider tuning range as well as input range is presented in Chapter 4. Detailed evalua-
tion of the proposed OTA is provided that covers the nonlinearity analysis, frequency
response, common-mode feedback design and noise analysis. Finally, an OTA-C filter
design example is given to demonstrate the applications of the proposed OTA.
Finally, Chapter 5 summarizes the contributions of the research and directions for

future work are suggested.



Chapter 2

BODY-DRIVEN MOSFET MODEL

A very critical part of process development is the ability to rapidly and precisely
measure devices during the process development cycle and use these data to construct
accurate and predictive device models. This creates both measurement and modeling
challenges for the analog circuits. Since body terminal instead of gate is used as
active input terminal of BD circuit, special modeling emphasis should be given to the

effects that are associated with the body terminal.

2.1 MOSFET MODELS

MOSFET models [65] can be classified into three categories:

e Analytical model
Analytical model intends to help understanding the MOSFET behavior by link-
ing the physical process and geometry parameters to the electrical behavior
through analytical equations. With the advent of new technology, analytical

model is normally scalable with some minor modifications.

e Table lookup model [66-68]
Unlike analytical model, table lookup model does not give physical insight into
device behavior. It is based on mathematical methods that store the measured
device data for different bias conditions and device geometries in a tabular form.
Table. lookup model is technology independent and requires much less time to

develop compared to analytical model. However, it is not scalable.

e Empirical model [69]

The model equations in empirical model do not represent physical meanings

20
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but are generated purely from curve fitting. Empirical model is technology
dependent. Although it requires smaller data memory as compared to table

lookup model, purely empirical model is seldom used in circuit simulators.

Most of the existing models belong to analytical model category and the notable
analytical MOSFET models include physics-based BSIM3 (Berkeley Short-Channel
IGFET Model) developed by the BSIM Research Group at the University of Cali-
fornia, Berkeley; Model 9 [70] brought by Philips Research Laboratories and EKV
model [71] supplied by Swiss Federal Institute of Technology (EPFL), Switzerland.
Compared with BSIM3, Model 9 achieves similar accuracy in circuit simulation with
fewer number of parameters. However, companies generally choose BSIM3 because it
was not obvious whether there were intellectual property issues associated with MOS
Model 9 [72]. Unlike other models which use source-referencing, EKV model brings
a unique style of MOSFET meodeling by using body as the voltage reference point.
This feature makes it possible to simulate MOSFETs as symmetrical devices. The
EKV model has more physical basis and much less parameters compared with other
models. However, due to the late arrival, EKV is still a work in progress and not yet
popular. In this chapter, we only focus on BSIM3V3 (BSIM3 Version 3) model due

to the following reasons:

o BSIM3V3 is the first international industry standard. It has been the world-
widely public-used model for CMOS IC design.

e Many semiconductor dedicated foundry, including the market leader TSMC,
only supports and provides technology parameters based on BSIM3V3 model.

e BSIM3V3 has demonstrated to be adequate for a majority of analog and digital

circuit simulation in deep-submicron technologies including 0.18 um technology.

The intention of this chapter is to investigate and evaluate the current industrial-

standard model BSIM3V3, identify the aspects that the model shows inadequacies
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in simulating BD MOSFET, analyze how these inadequacies affect the description of
the BD device behavior. Then, a modified model which provides improved accuracy
in characterizing BD MOSFET is developed based on the above analysis. Finally,
in order to evaluate how the BD MOSFET performance will be affected by the scal-
ing trend, detailed analytical analysis is carried out on the major parameters that

characterize the device.

2.2 OVERVIEW OF BSIM3V3 MODEL

As an enhanced version of BSIM3, BSIM3V3 not only maintained the physical char-

acteristics of BSIM3, but also launched several enhanced features.

e Previous generations of SPICE models used distinct 7~V equations for different
operating regions, which lead to discontinuities in the device characteristics. In
order to avoid such numerical difficulties incurred by regional-model equation, a
unified I — V model is developed in BSIM3V3 with the introduction of smooth-
ing functions, such as Vpsess, Vpsers, ViBerfov, Vasters, Vastesfov. These
smoothing functions gradually change a variable between two extreme values,
thus smoothing out the transition between the linear and saturation region, be-
tween the subthreshold and strong inversion. This guarantees the continuity of
drain current, conductance, output conductance and their derivatives through-

out all operation regimes.

e New width dependencies for bulk charge and source/drain resistance (Rg,) are
introduced. This is especially beneficial in improving the accuracy in modeling

narrow width devices.

o The fact that channel width/length offset depends on device’s geometry is con-
sidered in BSIM3V3 model. This expands the model’s capacity to fit a wide

range of W/L with a single set of parameters.
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e An improved capacitance model has been formulated that accurately describes
the C-V characteristics of the device with the channel length down to deep

submicron region. Also, non-quasi-static model option is included.

e Binning option is provided to further improve the model accuracy.

2.3 THRESHOLD VOLTAGE MODEL IN BSIM3V3

Since body/bulk is used as the input terminal instead of gate, accurate modeling of
body-effect, i.e., threshold voltage (Viy), is one of the most important requirements
for characterizing BD MOSFET. Of course, accurate prediction of threshold voltage
also serves as a useful reference point for the evaluation of device operating regions [3].
First, if the gate-source voltage Vj is greater than the threshold voltage Vis, the in-
version charge density is larger than the substrate doping concentration. MOSFET
is operating in the strong inversion region and drift current is dominant. Second, if
the gate voltage is smaller than Vj;,, the inversion charge density is much smaller than
the substrate doping concentration. The transistor operates in the weak inversion (or
subthreshold) region and diffusion current is now dominant. Lastly, if the gate voltage
is very close to V;;, the inversion charge density is close to the doping concentration.
The MOSFET operates in the transition region. In such a case, both diffusion and
drift currents are equally important.

For a MOSFET with long channel length/width and uniform substrate doping con-

centration, the threshold voltage Vi, is given by:

Vir = Vino + 7V 26r — Vas — v/ 26r (2.1)

where

Y=V 2q€siNa/Cox7
N, = the doping concentration of the p-type substrate,

Coz is expressed as €,;/tor, Where to, is the thickness of the silicon dioxide and &, is
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its permittivity. Vi is given as

Vino = Vg + 26 + 7V/2¢F (2:2)
Vrp is flat band voltage. Neglecting the small “parasitic” charge within the ox-
ide as well as at the oxide-semiconductor interface, the flat band voltage is mainly
contributed by the net contact potentials from gate, through external connection to
substrate. For conventional silicon technology, gate of N-channel MOSFET is heavily
doped with n-type impurities. Thus, Vrp numerically equals to the contact poten-
tial of degenerated n+4 polysilicon minus Fermi potential ¢ (i.e., the negative of the

contact potential of the lightly doped substrate), which is shown as

kKT . N,
VFB = — g/2q - d)p = —0.56 — 7lnn— (23)

where
n; = intrinsic carrier concentration,
E, = energy band-gap of silicon.

It is seen from Equation 2.1 that threshold voltage depends on N, and t,,. If N,
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Figure 2.1: Substrate doping concentration and its approximation [3].

and t,, are given and Vpg is constant, V;, is constant as well. However, threshold
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voltage is normally desired to be varied independently in order to satisfy the off-
current requirement. Such extra freedom to adjust threshold voltage can be achieved
by changing the vertical substrate doping profile from constant to non-uniform: the
substrate doping concentration is higher near the Si/Si0, interface while the doping
concentration is lower as one goes vertically deeper into the substrate. This is carried
out through ion implantation, a process in which the substrate is bombarded with
ions during fabrication. The effective substrate doping concentration is changed in
the areas where these ions land. As illustrated in Figure 2.1, the non-uniformed im-
purity distribution inside the substrate is approximately a half Gaussian distribution,
which can be modeled by a two-level channel doping profile [3]. From the surface to a
depth of z,, the implanted impurities have approximately a constant doping density
Ns. Beyond the depth of z,, the doping density is modeled to be N,. By using
Poisson’s equation, the threshold voltage of such two-level channel doped MOSFET
is then given by:

1 Ns_Na 2 Ns"“Na s
Vtho=—0.56+¢p+c—\/2€sina(2¢p—q( o )"’3)+Q( = )25 (9.4

Equation 2.2 and 2.4 show how the doping profiles affect V;s. By increasing the
doping concentration vertically between 0 < = < x,, the threshold voltage is enhanced
and the depletion width is reduced. Nowadays, more complicated substrate doping
profiles, such as super steep retrograde doping, are used to control short channel
effect and meet the predefined threshold voltage specification as well as improve
driving capability. Some fabrication technologies provide multiple threshold voltage
devices to meet different circuit characteristics and enable more flexibility and higher
integrity for mixed-signal circuit designs. The non-uniformity of the substrate doping
concentration makes y in Equation 2.1 a function of the body bias. In BSIM3V3, such

an extra body dependence effect induced by non-uniform substrate doping profile is
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taken into account, Vjy is proposed to be modeled as

Vi = Vino + K (\/2¢F — Vas — \/2¢F) — K2Vps (2:5)

where K; and K are functions of body bias coefficients ( v, and v, ) when the

substrate doping concentration equals to Ny and N,, respectively:

V 2q€siNs

m=—c (2.6)
Vv 2 EsiNa
Y2 = —Z,— (2.7)

Figure 2.2: Schematic depicting non-uniform lateral doping profile.

e Lateral non-uniform doping effect
For some technologies, pocket implantation is employed to increase the channel
doping. The doping concentration close to the source/drain is higher than that
in the middle of the channel as shown in Figure 2.2. As the channel length
decreases, the portion of the increased channel doping nearby source/drain area
to the overall channel region becomes more prominent, which leads to an in-
crease of threshold voltage. BSIM3V3 defines this phenomenon as reverse short

channel effect which is modeled as

A‘/th = K, (w 1+ NLX/Leff - 1) 20F (28)
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where

NLX = reverse-short-channel-effect coefficient,

Less = effective channel length.

>
L decreases
Vps increases

Surface potential

0 03 i~ XL

Figure 2.4: Schematic depicting DIBL effect.

o Short-channel effects
For long channel device, the threshold voltage is independent of the channel
length and the drain voltage. However, as the channel lengths become shorter,
the threshold voltage starts showing a greater dependence on the channel length
and the drain voltage. This effect is called short-channel effect and it mainly
includes two components: charge sharing component [73] and drain-induced
barrier lowering (DIBL) component. In long channel device, threshold volt-
age is defined as the gate voltage that is sufficient to deplete the bulk charge

enclosed in the channel region. However, in short channel device, some of
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the depletion charges are contributed by source/drain voltages, thus, less gate
voltage is needed to deplete the rest of the channel charges. As illustrated in
Figure 2.3, only the depletion charges within the trapezoidal region are assumed
to originate from the gate. Hence, as L decreases, so does the threshold voltage
because of the charge-sharing effect. Another short-channel! component DIBL
can be understood by considering the potential barrier at the surface between
the source and drain. As shown in Figure 2.4, when the channel length is long, -
the surface potential is flat over most part of the channel. Vpg does not affect
the threshold voltage. However, as channel length decreases, the barrier poten-
tial decreases. Increasing drain voltage will reduce the barrier potential even
more. This leads to the decrease of the threshold voltage. These short-channel

effects are taken into account in the threshold voltage model of BSIM3V3 as

A‘/th,chargesharing and A‘/th,DIBL-

Figure 2.5: Schematic depicting fringing effect of STI MOSFET.

Narrow-width effects [74]

Due to the fringing effect, the depletion region is not only limited to the area
below the thin oxide, but also to the sides. Figure 2.5 shows the schematic de-
picting the fringing effect for shallow-trench-isolated (STI) MOSFET. Shallow-
trench-isolated MOSFET is shown here because it is a commonly used isolation
structure in the sub-0.35um generations. When the channel width is wide, the
depletion region on the sides is negligible since it is only a small part of the

total depletion region. However, as channel width shrinks, the depletion region
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becomes a substantial percentage of the total. More gate-voltage is demanded
to generate sufficient charges to deplete more area, hence, the threshold volt-
age increases equivalently. The narrow-width effect for small channel lengths is

taken into consideration in BSIM3V3.

e Temperature dependence of Vj,

Assume Vs = 0 V, the temperature dependence of threshold voltage is derived

from Equation 2.2 as

dVen _ 1 dE,
dT ~ 2¢ dT

dér

+(1+R)—E

(2.9)

where

k= \/eqNa/$5/Cos.

Equation 2.9 implies the temperature dependence of threshold voltage originates
from n; and E,. n; has positive temperature coefficient while E, has negative

temperature coefficient, as shown in Equation 2.10 and 2.11, respectively.

n; & T3/2 (2 10)
oT?

By(T) = By(0) - 75

(2.11)

The overall temperature coefficient of threshold voltage is negative.

In summary, BSIM3V3 practically considers all the above non-ideal effects including
body-effect, non-uniform doping effect both vertically and laterally, short-channel
effects, short-width effect and temperature dependence effect. It should be noted
that, in order to improve accuracy in modeling these effects, BSIM3V3 introduces
fitting parameters and exponential functions that do not have real physical meanings.

However, the overall accuracy is proved to be satisfying.
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2.4 JUNCTION DIODE

The important parasitic components of BD MOSFET are the junction diodes that are
associated with the body terminal. When the diodes are reversed-biased or slightly
forward biased, they can be viewed as two parasitic junction capacitances: body-
source capacitance and body-drain capacitance. As discussed before, for today’s
CMOS technology processes, pocket implantation is normally used at source/drain
side to increase the channel doping and STI becomes an essential isolation scheme.
This leads to different substrate doping concentrations at the bottom-wall, isolation-
side sidewall and gate-side sidewall. To increase the simulation accuracy, BSIM3V3
splits the junction capacitances into three components as shown in Figure 2.6, where
Cj,sq refers to the gate-side sidewall junction capacitance, Cj s refers to the isolation-
side sidewall junction capacitance, and C;, refers to the bottom-wall junction capac-

itance. Hence, the complete junction capacitance is modeled as

Figure 2.6: Schematic of parasitic junction capacitances modeled in BSIM3V3.

Cj =Cjp- AS+ Cj,s -(PD — W) +Cisg W (2.12)

where

C.r = cJ
3b = Vas/ep \ "'
(:-"222)
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CJ = source/drain bottom junction capacitance per unit area,

MJSW »

CJSW = source/drain isolation-side sidewall junction capacitance per unit length,
CJSWG = source/drain gate-side sidewall junction capacitance per unit length,
AS = source/drain bottom-wall area,

PD = perimeter of source/drain area, PD = 2(W + L),

W = channel width of the device,

PB = built-in potential of the bottom-wall junction capacitance,

PBSW = built-in potential of the isolation-side sidewall junction capacitance,
PBSWG = built-in potential of the gate-side sidewall junction capacitance,

MJ = grading coefficient of the bottom-wall junction capacitance,

MJSW = grading coefficient of the isolation-side sidewall junction capacitance,

MJSWG = grading coefficient of the gate-side sidewall junction capacitance.

2.5 BSIM3V3 DEFICIENCIES IN SIMULATING BODY-DRIVEN MOS-
FET AND IMPROVEMENTS

In this section, the deficiencies of using BSIM3V3 model in simulating BD MOSFET
are investigated and the solutions to increase the simulation accuracies are suggested.
The drawbacks of BSIM3V3 can be categorized into two groups: one is related to the
arithmetic convergence and numerical stability issues; the other is associated with
the body-terminal parasitic effects that are omitted by BSIM3V3. The simulation
errors induced by the first group is not avoidable. However, measures can be taken
to reduce these errors. The errors caused by the second group can be corrected by

including the missing parameters in the MOSFET model.
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2.5.1 Body Junction Diode Current

The classical current-voltage relationship that characterizes a p — n junction diode is

expressed as

Ip=1, (ezv’v% _ 1) (2.13)
where
Ip = diode current,
I, = saturation current of the diode,
Vb = voltage across the p — n junction diode,
V; = thermal voltage defined as % =~ 26mV at 300°K,
n = ideality factor of the diode.
In BSIM3V3, when Vgg/pp < 0, junction diode current flowing from the body termi-

nal to the source/drain terminal is similarly modeled as

I; =(JS x AS+ JSW x PS) [eYBTSJ% - 1] (2.14)
where
JS = body-source or body-drain junction saturation current per area,
JSW = body-source or body-drain junction saturation current per periphery,
N J = the ideality factor of the bulk junction diode.
However, when Vgg > 0, which is normally the case for BD MOSFETs, BSIM3V3
models I; differently depending on the value of a user-defined parameter IJTH. If
IJTH equals to zero, the same model as Equation 2.14 is used. If IJTH > 0,
the amount of source/drain-body voltage Vi rgy that can produce IJTH is consid-

< Vijra, Equation 2.14 is used; when

ered as a reference point. When VBs/BD
VBs/p > VisrH, linearization is taken at the point of Vs = Viyrg, and I; is mod-
eled as a linear function of Vpg gp when the junction current exceeds IJT H, as shown

in Equation 2.15
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Ij = I |vas/mp=Visrs +8Viﬁ Vas/so=Visra % (VBs/BD — VisrH) (2.15)
Such linearization prevents numerical overflow and aids convergence. Hence, IJTH
can be called as the limiting current for the source-body or drain-body diode turn-
on. The default value of /JTH in BSIM3V3 is 0.1A. This current corresponds to
body-source/drain voltage of around 0.8V, which is larger than the typical diode
turn-on voltage (0.6 V). Since the body-source voltage of BD MOSFET is always
kept below the turn-on voltage for proper circuit operation, the approximation shown
in Equation 2.15 will not affect the simulation results if IJTH = 0.1 A. However, this
is not true if IJTH is deliberately set to be very small, for example, IJTH < 1073.
In order to achieve good accuracy for BD circuit simulation, it is suggested to use the

default value of IJT H provided by BSIM3V3 or set IJTH = 0.

2.5.2 Threshold Voltage

BSIM3V3 models the effect of body bias on threshold voltage as shown in Equa-
tion 2.1. This equation works fine as long as Vpg is smaller than 2¢r. However,
problem occurs if body-source diode is forward biased to be larger than 2¢r. Taking
square root of a negative number makes Equation 2.1 no longer valid. In order to
prevent this hidden numerical problem, standard BSIM3V3 opts for another model

equation [72] once Vpg is greater than 0 V, as shown in Equation 2.16:

(V2or)°

Vi = Vino 47 | —28)
th = Vtho T 2¢r + Vps/2

— 2¢F] (fOI‘ Vs > 0) (216)

Equation 2.16 is derived by replacing v/2¢r — Vgg by

_ _ Ves\ . (2¢F)
Ve = Vos = /24 (1 2¢F> ~ 2tr T Vos 217)
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Assume Vpg < 2¢r, /20r — Vps in Equation 2.1 can be further simplified as

Y 2p 20r _ (V28r)°
20r = Vs V20r + Vas V1+ Ves/ (2¢r) " 2¢p + Vps/2' (2.18)

Using Equation 2.16, the numerical difficulty in calculating threshold voltage at

0.6

04

0.1 0.2 0.3 0.4 0.5 0.6
Vs )

Figure 2.7: Comparison of calculated and simulated threshold voltages.

VBs > 2¢r is removed. In order to evaluate the errors introduced by the above
approximation, the threshold voltages calculated from Equation 2.1 and 2.16 are
compared with the simulation results. As shown in Figure 2.7, threshold voltage is
plotted as a function of V. PMOS is used as our example. In the figure, Vi simu
refers to the simulated threshold voltages. The threshold voltage error is defined as
€vir, = (Vi — Vin) /Vin. Figure 2.7 reveals that V}}, matches the simulation results very
well. When Vg < 0.2 V, the error is negligible. There are approximately 7% of the
error at Vsp = 0.3 V and 14% of the error at Vgg = 0.4 V. It is concluded that, if
Vsg > 0.2 V, BSIM3V3 tends to overestimate the absolute threshold voltage when
the body-source junction diode is forward biased. Hence, the experimental MOSFET

drain current is expected to be larger than the estimated value from BSIM3V3.



35

2.5.3 Body Junction Capacitance

Similarly to the case of threshold voltage, standard BSIM3V3 adopts different model
equations for the junction diode capacitance calculation. For example, if Vgg < 0,

the bottom-wall body-source capacitance per unit-area is given by

cJ
Cj,b = M (219)
(1 - ‘}/’B)

If Vs becomes positive and approaches to PB, C;; may exceed the largest number
that a computer can handle. In order to prevent such overflow, standard BSIM3V3
modifies Equation 2.19 to Equation 2.20 when Vgg > 0.

9C;p

N Vs
~ CJ (1 + MJPB) (2.20)

Cip = Cjblvas=o + X Vps

1.1

—Cj
-G
1.05f ° SPECTRE simulation

0.85}

0.8
0

005 01 015 02 025 03 035 04
Vs V)

Figure 2.8: Comparison of calculated and simulated body-source junction capaci-
tance, W/L = 0.5pm/0.18um, CJ = 0.001121F/m?, MJ = 0.4476, PB = 0.895226
V, CJSW = 2481 x 1071 F/m, MJSW = 0.3683619, MJSWG = 0.3683619,
CJSWG = 4.221 x 1071 F/m, PBSW = 0.895226 V, and PBSWG = 0.895226 V.
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Equation 2.20 always yields a finite number regardless of the value of Vgg. Side-
wall capacitors Cj s and Cj 5 are handled in the same way as C; ; in standard BSIM3V3.
The total body-source junction capacitance as a function of Vgg are shown in Fig-
ure 2.8. PMOS with aspect ratio of W/L = 0.5 um/0.18 um is used. The solid line
represents the exact C; while the dashed line represents the approximated value, C’]
Figure 2.8 reveals that the standard BSIM3V3 underestimates the junction capaci-
tance value when Vg > 0. For example, approximately 7% of the error exists when
Vsp=04V.

In order to avoid the above error, SPECTRE simulator is suggested to be used in BD
circuit simulation. SPECTRE simulator implements BSIM3V3 model by supporting
two additional non-BSIM3V3 parameters. They are forward-biased area capacitance
threshold F'C and sidewall capacitance threshold FCSW. The depletion capacitance
is linearized when Vpg is larger than the reference value defined by FC and FCSW.
Specifically, the junction bottom-wall capacitance model supported by SPECTRE [75]

is given as
o7 if V; < FC x PB
"Wv I Vps/Bp &
Cip = (1 e (2.21)

MJ(Vas;sp-PB-FC)| .
(1—1%)"” 14 24 PE=FC) )} if Vgsypp > FC x PB

Similarly, the junction side-wall capacitance model in SPECTRE implementation is

( VBS.;'S:S MW if Vas/sp < FCSW x PBSW
I_Té
Cie = 5w

MJ(V, —PBSW.FCSW .
Fosyysw [1 4 2 PESW=FCSW) )] if Vpg/pp > FCSW x PBSW

(2.22)
If default values (0.5 V for both FC and FCSW) are used in SPECTRE simula-

tion, the linearization is taken place at Vas/sp = PB/2 instead of VBs/pp = 0. In
Figure 2.8, the junction capacitance calculated by SPECTRE simulator is drawn as
dots, which closely matches the value derived from Equation 2.19. As compared to the



37

standard BSIM3V3 that performs capacitance linearization at Vgg > 0, SPECTRE
provides the freedom of choosing the linearization threshold. By properly setting FC
and FCSW, better capacitance-modeling accuracy can be achieved in SPECTRE
simulator. Thus, SPECTRE simulator should be used for BD circuit simulation.

2.5.4 Missing Parameters and Improved Model

The cross section of a PMOS in N-well is shown in Figure 2.9. Low doping concen-
tration of the well leads to high sheet resistance. Typical N-well sheet resistivity in
0.18 pm technology is 440 Q/square. If no special care is given to the layout and
the body-contact is far from the channel, the body parasitic resistance may induce
signal and frequency degradation. The well resistance network can be modeled as
single lumped resistor or a distributed network. Single well resistor model omits the
influence of the lossy well region underneath the drain-bulk junction or source-bulk
junction, while distributed well resistance network provides better accuracy by in-
cluding the parasitic resistors beneath the source region, drain region as well as the
region between them. They are illustrated in Figure 2.9 as R, Ry and Ry, re-
spectively. Unfortunately, the internal well resistance network model is not included
in BSIM3V3. Hence, the noise associated with this resistance network is omitted as
well.

Another important parasitic component that is neglected by BSIM3V3 is the well-
substrate junction diode Dy,,;. Since P-substrate is always shorted to ground or
negative power supply, this diode is always reversely biased. Hence, it can be con-
veniently modeled as a parasitic depletion capacitance Cyy;. When body is served
as the input terminal, the junction capacitance Cgyp becomes the input capacitance.
In order to include the above parasitic elements in the BSIM3V3 model, a subcircuit

approach is suggested to be used instead, as shown in Figure 2.10.

The MOSFET is divided into two parts: intrinsic MOSFET (shown within the
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-

Figure 2.9: Cross section of PMOS in FN-well.
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B' Substrate resistance network

Dbsub

Figure 2.10: Suggested model for BD MOSFET.

dotted ellipse in Figure 2.10) and extrinsic part. The length of source/drain area of
the intrinsic MOSFET is deliberately made to be 0, while the parasitic components
that are associated with source, drain, gate and body regions are considered as ex-
trinsic part. These parasitic components include: the terminal resistances R,, R4 and
R,; the substrate resistance network; and junction diodes D, Dy, and Djs. The
original II - shape substrate resistance network formed by Rg,, Ry and Ry is trans-
formed into T-shape structure represented by 7y, s and 4. The source/drain resis-
tance R,/ Ry is normally quite small due to the heavy doping density in source/drain
region. Self-aligned silicide, a widely used technology in modern CMOS process,
greatly reduces the polysilicon resistivity and source/drain interconnect resistance
as well. The MOSFET can be viewed as having two gates: the front-gate G' and
the back-gate B'. For BD transistor, gate terminal is constantly biased. Hence, the

physical gate resistance has the minimum effect on the BD MOSFET performance.
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Therefore, source/drain/gate resistance can be omitted altogether. Since all the par-

asitic junction diodes are either reversely biased or slightly forward-biased, they can

be modeled as junction capacitances. The above assumptions lead to the equivalent

small signal model as shown in Figure 2.11, where Cjy and Cys include both intrinsic

capacitance and extrinsic junction capacitance.

g Ry, £, Vs G |
C
N 8s

oS

Figure 2.11: Small signal model of the BD MOSFET.
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|

(a) Schematic of common-source BD MOSFET

\J
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[
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1

(b) Small-signal diagram

Figure 2.12: Common-source BD MOSFET.

For a MOS transistor, the transition frequency (fr) is defined as the frequency
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where the magnitude of the current gain falls to unity. This is the maximum frequency
that a MOSFET can achieve. Assume a common-source BD MOSFET with its gate
terminal shorted to the ground and the drain terminal taken as the output, as shown
in Figure 2.12(a). The small-signal model is simplified as shown in Figure 2.12(b)

and the current gain can be derived as

Tin SChaub sChs 3Chg
' (1 + TdbedS) X (1-}—7‘1,01,3,‘58 + 1+7:4Chss + 14714, Crgs

The time constants of the R—C networks are 11 = 74Chsup, T2 = T54Chs and 73 = r4,Cha,
respectively. If finger structures are adopted and the body contacts are layed out as
close as possible to the channel, these time constants can be easily kept quite small
with typical values of less than 107! s. Hence, for signal frequency that is below 10

GHz, Equation 2.23 is simplified as

ig Gmb
x . 2.24
Yin s (Cbsub + C'b.s + de) ( )
Therefore,
1
Jr=5wr Imb (2.25)

27 = 2w (Cbsub + Cbs + de)

Due to the small parasitic well resistances, it is concluded that neglecting well re-
sistance network does not really affect the accuracy of predicting the frequency per-
formance if BD MOSFET is used in low or medium frequency (less than 100 MHz).
However, for RF applications or for low-noise applications, it is necessary to include
the well resistance network. Since Chgp contributes to the total input capacitance
which affects the frequency performance directly, Cis should be included in the
model of BD MOSFET. To illustrate the above points more clearly, let’s take a
PMOS for example which has aspect ratio of 10 um/0.18 ym . PMOS is layed out to
have 4 fingers with each of them having width of 2.5 um. In order to reduce the well
resistance, the PMOS is fully surrounded by the body contacts. The detailed layout

is shown in Figure 2.13.
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Figure 2.13: Layout of 4-finger PMOS with W/L = 10 ym/0.18 ym.

If the PMOS is biased under the following conditions: Vsg = 0.6 V, Vgg = 0.2 V,
and Vsp = 0.8 V. The values of the extrinsic elements are ry = 202.48 Q, rg, = 14 =
36.56 €2, Cpsup = 13.24 fF, Cjps = 16.53 fF and Cjpq = 8.15 fF, respectively. For
a PMOS operating at strong inversion region, the intrinsic body-source capacitance

Chsi is simplified as [74]:

Chsi N e C (2.26)

2v/2l6r| = Vop °

Similarly, the intrinsic body-drain capacitance Cyg; is expressed as

v

dei ~ _‘—_—'—_C d-
2+/2|¢r| — Vsp °

In our case, Cpsi = 1.03 fF, Cpy; = 0.438 fF and g,,p = 236 uS. It is verified that

(2.27)

all the three time constants 71, 72 and 73 are smaller than 107!2 s. From Equa-

tion 2.25, the transition frequency is calculated to be 955 MHz. For GD MOSFET,
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the transition frequency is given as

Im
= I 2.2
fT,g Cgs ng ( 8)

where Cy, and Cyy include both intrinsic capacitances and extrinsic overlap capaci-

tances. For a PMOS with the same biasing conditions, the small signal parameters

are:

gm = 899 uS, Cys = 9.396 fF,and Cyqy = 4.892 fF.

Thus, frg equals to 10 GHz which is approximately 10 times larger than fr. GD
MOSFET has much larger transition frequency than BD MOSFET owing to two

reasons:
e gate transconductance gy, is larger than body transconductance g;

e The total parasitic capacitances seen by the gate terminal or the body ter-
minal include both intrinsic and extrinsic parts. For the gate terminal, the
extrinsic gate capacitances Cy,, and Cyq, due to the gate-source and gate-drain
overlap is substantially smaller than the intrinsic gate-source capacitance Cig;.
Hence, the total parasitic capacitance seen by the gate is mainly dominated by
intrinsic gate-source capacitance. On the contrary, the extrinsic components
(Chsub, Cijbs, and Cjpg) dominate the total input capacitance seen by the body
terminal. Although the intrinsic body capacitance is smaller than the intrinsic
gate capacitance, the total input capacitance seen by the body is larger than

the capacitance seen by the gate due to large extrinsic junction capacitances.

Deep N-well option in modern CMOS processes provides isolated P-wells as shown
in Figure 2.14. However, precautions should be taken while using these wells to build
N-type BD MOSFETSs. Generally speaking, CMOS technology process requires very

large overlap between N-well and deep N-well regions (denotes as L; in Figure 2.14)
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Figure 2.14: Cross view of a N-type MOSFET formed on buried P-well (surrounded
by deep N-well structure).

as well as large extension of N-well beyond deep N-well region (denotes as L;). In
0.18 pum technology, L, and L, are typically few micron meters. Hence, BD NMOS
surrounded by deep N-well structure occupies large area. The parasitic diodes asso-
ciated with P-well/deep-N-well junction and deep-N-well/p-substrate junction may
have large depletion capacitances Ce/pnw and Cpywysus due to the large bottom and
sidewall areas. Since these two serial parasitic capacitances play important role in
determining the frequency performance of BD MOSFETS, small values of Cv/pnw
and Cpnwysu are essential. The values of these capacitances also depend on the
doping profile of the deep N-well region. Less doping concentration can reduce these

parasitic capacitances effectively.

2.6 MOSFET SCALING MODELS

There are basically three systematic laws that govern MOSFET device scaling. In
1974, Robert Dennard proposed constant-electric-field (CE) scaling [76]. As a pop-
ular and useful model originally, constant field scaling scheme (as illustrated in Fig-
ure 2.15), requires both horizontal and vertical dimensions to be scaled with the

power supply so that constant electric fields are maintained throughout the device.
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Figure 2.15: Principle of MOSFET constant-electric-field scaling.

Therefore, the transistor dimension, supply voltage, gate-oxide thickness, gate capac-
itance, and substrate doping scale by a constant factor (1/A), while the MOSFET
transconductance, the field across the gate oxide, and the electron and hole mobili-
ties remain relatively constant with scaling. Hence, high reliability is guaranteed by
the CE scaling law. However, in reality, CE scaling law is not as good as expected.
The drain current (Iy,) of a MOSFET depends on the gate-source overdrive voltage
Vs — Vin. Due to the nonscaling of the MOSFET"’s threshold voltage, a scaled supply
voltage does not provide adequate current driving capability. Also, fringing effects
lead to logarithmic increasing of interconnection capacitances [77]. Therefore, al-
though CE scaling provides a basic guideline for the MOSFET device scaling design,
it is not practical for the high-performance circuits. The other two proposed scaling
models are quasi-constant voltage (QCV) scaling and constant voltage (CV) scal-
ing [77]. The CV scaling does not scale the power supply, which leads to significant
hot carrier effects in the deep submicron MOSFETs that have very thin gate oxides.
Hence, CV scaling law is prone to cause device failure in submicron level and it is not
feasible for low-voltage and low-power applications. QCV scaling law was proposed

by Chatterjee (77] and it gives the best performance among the three scaling laws.
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QCV scaling scheme scales the supply voltage less rapidly (typically 1/v/X [78]) than

other parameters that have 1/ as scaling factor. This results in an increase of the

MOSFET’s transition frequency with every scaling generation. The empirical data,

suggests that the observed scaling fits more closely to the QCV scaling model (77,78].
Table 2.1: MOSFET scaling schemes

Description Parameter | Constant | Quasi-Constant Constant
Field (CE) | Voltage (QCV) | Voltage (CV)
Device Dimensions Lw 1/A 1/A 1/X
Oxide Thickness Tox 1/X /X 1/vVA
Power Supply Vop 1/A 1/vVA 1
Channel Doping Nsy A A A

2.7 SCALABILITY OF BODY-DRIVEN MOSFET PARAMETERS

Throughout these years, the scaling trend has been mainly focused on the perfor-
mance optimization for digital circuits. However, as system-on-chip becomes more
popular and device physical size decreases further, the impact of the scaling laws on
analog performance deserves much more attention [78-80]. In this section, the scaling
effect on the future performance of BD MOSFET is investigated. QCV scaling law is
used in the discussion because it provides the best match to the current CMOS scal-
ing trend. For convenience, all the analysis below is based on N-channel MOSFET
unless indicated otherwise. The analysis on the P-channel MOSFET is equivalent

but changes the signs of the signals.

2.7.1 Threshold Voltage

Since Vig is different for technologies with different doping profiles, it is a complicated

non-linear function of fabrication process parameters. Hence, there is no uniformed
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Table 2.2: CMOS scaling factors

Parameters Scaling Factor
Device Dimensions 1/A
Oxide Thickness /A
Power Supply 1/vV/X
Threshold Voltage (Vino) 1/A17
Channel Doping A

scaling factor for threshold voltage. But given the limit of the threshold voltage, we
can predict its scaling factor approximately. In order to avoid the leakage current
from becoming prohibitively high, the lower limit of threshold voltage for a room-
temperature CMOS is 0.3 V [81]. Hence, we can assume V5o will scale from the
current 0.45 V to approximately 0.3 V as the process changes from 0.18 ym technology
to 13 nm technology at 2016. ITRS predicts that the power supply will decrease from
1.8 V t0 0.6 V over the next 12 years. Given the above information as well as knowing
the power supply has a scaling factor of 1/ v\, the scaling factor of the threshold
voltage is thus derived to be approximately 1/A}7. In summary, the approximate
scaling factors of the power supply, oxide thickness, channel length and threshold
voltage for CMOS devices in the next 12 years based on QCV model are listed in
Table 2.3.

Based on the semiconductor’s roadmap proposed by ITRS [4], the scaling data
of the power supply voltage and the gate oxide thickness versus the device lengths
for the next 12 years are plotted as circles “o” in Figure 2.16. The scaling data
of threshold voltage is also plotted as “o” based on its current value in 0.18 um
technology and its lower limit in the future. The scalings of supply voltage, threshold
voltage, and gate oxide thickness values calculated from Table 2.3 are also drawn as
lines in Figure 2.16. It is evident that the scaling factors shown in Table 2.3 fit the
ITRS roadmap reasonably well. Hence, it is reasonable to utilize the scaling factors

in Table 2.3 to predict the future performance of BD MOSFETs.
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Figure 2.16: Scaling trends of power supply voltage, threshold voltage, and gate oxide
thickness versus channel lengths for CMOS technologies.

2.7.2 Driving Capability

First-order model equations suggest the drain current of a MOSFET in saturation

(Vbs 2 Vpssat) and linear operation (Vps < Vpssat) are respectively given as

tCos ¥ (Vos — Vin)* Vbs 2 Vpssat

(2.29)
Coxv_{' (VGS — Vth - %VDS) VDS VDS < VDSsat

Ip=

=

where

Vpssat = Vas — Vin,
Vin = Vino + v1/2|0F| — Vas — vv/2|¢r|.

€0z IS a non-scaling parameter. Hence, the scaling factor of C,; is the inverse of that

of t,;. While the thickness of SiO; decreases, C,; increases proportionally.
The carrier mobility 1 [82] depends on the average electric field perpendicular to the

81— Si0;, interface. According to the universal mobility model, the effective mobility



49

is approximately given by

Ho
— 2.30
F= 110 (Ves — Vin) (2:30)

where

o = zero-field carrier mobility,

6 = mobility degradation coefficient.

6 entirely depends on the IC fabrication process and is inversely proportional to gate
oxide thickness ¢,,. Although 0 has strong physical basis, it is primarily used with pq
as fitting parameters in BSIM3V3 model. Hence, it is difficult to predict the scaling
trend of p. In [83], a universal MOSFET mobility degradation model without the
need for fitting parameters is provided. This mobility model is given as

1150 x exp (—5.34 x 10710/N,)

_ ) . (2.31)
1+3.5[(Vas — Vin) [tez) ~ + 550 [(Vas — Vin) [toc)

7

The numerator describes the influence of doping concentration N, on pg. The higher-
order term (Vgg — Vth)2 in the denominator is used to increase the accuracy [83,84].
Assume Vg5 is chosen to have the full power supply value, the scaling of y is derived

from Equation 2.31 and plotted in Figure 2.17. The dashed line in Figure 2.17 is

300
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Figure 2.17: Scaling trends of MOSFET mobility.
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drawn by assuming that u has a scaling factor of 1/ V. Clearly, this approximation
predicts the Equation 2.31 very well. Hence, instead of adopting rather complicated
formula, the approximation of 1/v/A can be used to represent the scaling factor of
if Vs = Vpp.

Based on Equation 2.31 and Table 2.3, the scaled drain current I}, for GD MOSFET

(with body terminal tied to source) can be derived as

L= ' Con'l (Vs ~ )‘5/14Vth0)2 Vbs 2 Vbssat (2.32)
1 Cor ¥ (Vas — X/ "Vio — LVps) Vbs Vi < Vgeus

where 4’ is the scaled mobility. Compared with Equation 2.29, a coefficient of A3/14
appears before Vi in Equation 2.32. This originates from the fact that threshold
voltage scales much slower than the power supply does. Thus, the effective over-drive
voltage drops with the scaling. Since the carrier mobility decreases as well, it is con-
cluded that the driving capability of GD MOSFET declines as the scaling continues.
Similarly, the scaled drain current I7, of BD MOSFET (with constant gate bias) can
be derived. However, since body-effect coefficient y and Fermi potential ¢p pl.ay
important role in determining the drain current of BD MOSFET, it is necessary to

discuss their scaling factors first. The scaled body-effect coefficient 4 equals

7, =V Zesiq)\Na/ ()\Coz) = "7’/\/X (233)

Equation 2.33 reveals the body effect is stronger for heavier substrate doping or
thinner oxide. Although oxide thickness and substrate doping have the same scaling
factor, the former has stronger influence on -y than the latter does. As a result, body-
effect coefficient decreases with the scaling trend by 1/v/).

Fermi potential is given by

¢p=-—In—2 (2.34)
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The typical value of substrate doping concentration N, is in the level of 1017 cm—3
for current CMOS technologies and will increase to the order of 10'8 cm=3 for nano-
technology. Since the intrinsic carrier concentration n; equals to 1.45 x 10*® ¢cm—3

b

N,/n; is in the range of 107 ~ 108, In this case,

kT N kT (N \'/®
b= L Na AT (—) — \/ogp (2.35)
q n; q n;

Similarly to Vi, ¢ is also a weak function of X. Based on the above observations and

assume Vg = Vpp, the scaled drain current I ps of BD MOSFET can be obtained as

%/\_l/zlffco:c% [VGS - )\5/14Vth0 - (M - \/M)r

for Vps 2 Viseu
AT2uC, W [Vc;s — MM — (\/2¢;" - Y}f - \/2<T'F) - %VDS] Vps
{ for Vps < Vissar
(2.36)

Figure 2.18 plots the V-I performance of BD and GD n-MOSFETs with different
lengths (L = 0.18 ym and L = 90 nm). Typical TSMC 0.18 um process technology
parameters are used for NMOS with y = 0.04 m?/V-s, C,, = 0.0085 F/m?, N, =
3.9 x 10" cm™ and ¢,, = 4.08 x 10~7 cm. The aspect ratios of the MOSFETS are
chosen to be W/L = 2. For BD MOSFET, the gate-source voltage is biased to be the

(

full power supply value, that is, Vg equals to 1.8 V for 0.18 p#m technology; while Vg
is 1.27 V for 90 nm technology. For GD MOSFET, Vg is set to be 0 V. Drain-source
voltages of the MOSFETs are biased such that MOSFETS are guaranteed to operate
in saturation regions. Figure 2.18 clearly reveals that the drain current rolls off with
the device scaling for both GD and BD MOSFETs.

Since the gate of a BD MOSFET is normally connected to the power supply to
sufficiently turn on the MOSFET, it is likely that BD MOSFET works in linear
operation. The current driving ability in this case is plotted in Figure 2.19. Vpg is

chosen to be 0.2 V for 0.18 um technology. Based on Table 2.16, Vpg is chosen to be



800

700

=23
=3
=

Drain current lns MA)

[
[—3
(=
T
L

100

—3.4 03 -02 -0.1 0 01 02 03 04 05

-3
=3

wh
(3
>

B
=3
=]
T
"

w
(=3
<
T
"

— L=0.18 pm
== L=0.09 um

"

Body-to—source voltage Vas V)

(a) BD MOSFET

T T T T T T

— L=0.18 pm

~3
<

| =« L=0.09 pm

Drain current Ins 1aA)
[~ w s 17 a
= =) (=] [=] =3

-
>
T

-
e 1 A

Figure 2.18: Drain currents of BD and GD MOSFETs in saturation region.

0.1 0.2 03 04 05 0.6 0.7 0.8 0.9
Gate-to—source voltage Vcs (4%

(b) GD MOSFET

52



53

(0.2/v2) V for 90 nm technology. Figure 2.18(a) and Figure 2.19 show that, as the
device dimension shrinks two times from 0.18 gm to 90 nm, the driving capability of
the saturated BD MOSFET decreases more than 5 times, while the driving capability
of the linear BD MOSFET degrades approximately 4 times.
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Figure 2.19: Drain current versus Vpg for BD MOSFET in linear region.

2.7.3 Transconductance

The small signal transconductance of the BD MOSFET can be derived from Equa-
tion 2.29 by taking the derivative of Ip over Vg at the operating point.

Gmb,sat = j{—g’; = Kgn for saturation operation (2.37)
Gmblin = K uCoz—ngDS for linear operation
where
Gmb
K=="—=1/ (2 2¢r — Vps (2.38)
Im

w
9m = .U'Cozf (VGS - Vth) (239)
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Figure 2.20: Transconductance ratio between BD and GD MOSFETS (gms/gm)-

K refers to the transconductance ratio between the BD MOSFET and GD MOSFET.

The scaled transconductance ratio K’ with the scaling trend is evaluated as

K = gil" = —M—— (2.40)
Im  24/2¢% — Vas
If MOSFETSs operate in saturation region, the transconductance ratio versus MOS-
FET physical sizes for different body biases is illustrated in Figure 2.20. Both Equa-
tion 2.40 and Figure 2.20 demonstrate that higher Vpg contributes to larger K’. If
body bias remains constant, device scaling leads to degraded K’ and the scaling factor
of K’ is approximately 1/A/2. For example, when Vzg = 0.1 V and channel length
decreases from 0.18 pm to 13 nm, K’ drops from 0.24 to 0.055. If the operating point

is assumed to be at Vgg = 0 and Vg = Vpp, the scaled transconductance of BD

MOSFET is given by:

g poat = K "% ,uC,,,% (Vcs - )\5/14Vtho) for saturation operation (2.41)

! _ (i w . .
Imbiiin = K' X pCor 7 Vs for linear operation
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Due to the over-drive voltage and K reduction, the transconductance of BD MOSFET
decreases with the scaling trend. Figure 2.21 shows the normalized transconductances
of BD and GD MOSFETs as functions of device lengths. The same design values as
section 2.7.2 are used. For easy comparison, the transconductances are normalized to
the value at 0.18 pum technology. As MOSFETSs operate at saturation region, oxide
capacitance increases by A with every scaling generation; p approximately scales by
1/vV/X. The overdrive voltage scales by approximately 1 /X when Vg is much larger
than V;;,. Hence, the transconductance of GD MOSFET decreases only slightly with
the scaling of the physical size. However, as the power supply value approaches the
threshold voltage, V;;, starts playing more significant role and the overdrive voltage
Vos — Vin decreases much faster. Hence, the transconductance reduces faster. Com-
pared with that of the GD MOSFETS, the transconductance of BD MOSFETS in
saturation operation scales with higher slope owing to the K term. It is concluded
that as the channel length becomes shorter, the body bias has weaker control of the
depletion region.

When MOSFETSs are in linear region, the transconductance is mainly governed by
Vps. Let’s assume Vpg equals to 0.6 V for 0.18 p m technology and it scales by 1/ V.
The transconductance scalability of linear MOSFET is shown in Figure 2.21(b). It
is observed that the transconductance of linear GD device does not change with the
scaling. However, gmpun scales downward at the rate of 1/A'/2 due to the K term.
Comparing linear and saturation devices yields that the transconductance scales faster

for the saturation case.

2.7.4 OQOutput Conductance

The analysis performed in section 2.7.2 and section 2.7.3 does not consider short-
channel effects for the sake of simplicity. The drain current does not vary with Vpg

when the drain source voltage exceeds the saturation voltage Vpgsq: for long channel
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Figure 2.22: Diagram of channel length modulation effect.

MOSFET. Hence, the small signal output conductance defined as g4, = 8Ipg/0Vpg
is ideally zero for MOSFETsS in saturation region. However, this is not the case for
short-channel MOSFET. For short channel MOSFET, the drain current rises slightly
with Vps due to channel-length modulation effect. The phenomenon [74] can be ex-
plained by Figure 2.22. Saturation voltage Vpgsq: denotes the value where “pinchoff
" is assumed to occur at the drain end of the channel. As the drain source voltage ex-
ceeds Vpssat, the inversion layer shrinks horizontally and the “pinchoff” point moves

toward the source end. Thus, the effective channel length Less becomes L — AL,
where AL is approximately given by [85]

2 st
AL~ ¢ vV VDS - VDSsat (242)

qN,g

Now the drain current Ipg can be described by

Ips = K x (243)

L-AL

where the coefficient K depends on Vgg and Vgp.
At Vps = Vpssat, the drain current Ipg can be computed from nonsaturation equation
and is given by

IDSsat = K X l (244)

t~
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Taking the ratio of Equations 2.43 and 2.44, we obtain

IDSsat
Ipg = —————— 2.
DS =T ALTT (2.45)
If AL/L < 1, Equation 2.45 can be further simplified as
IDS ~ IDSsat X (1 — AL/L) (246)

Given Equation 2.42 and 2.46, the output conductance gds is derived as

2e; Ipssat
9ds = \/;];2Lm (2.47)
where
Ipssat = 3% 1Cos (Vas — Vi)?
Vbssat = Vas — Vin
Knowing the scaling factors of the design parameters as well as assuming Vs = 0

and Vgs = Vpp, we obtain the scaled transconductance as

\5/14 2 _ 5/14
A N7 (VGS A Vtho) \/VDS Vs + A MViyo . (2.48)

9ds = Vas — Vino Vbs — Vgs + Vino
Figure 2.23 illustrates the scaling trend of the normalized gg45. For 0.18 pm technology,
Vs equals to 1.8 V and Vpg is chosen to be 1.5 V so that MOSFET operates in
saturation region. When Vg is much higher than Vg, the first term ()\1/ 4) at the
RHS of the Equation 2.48 dominates. Hence, g, increases approximately at the rate
of A4, As Vgg scales down, Vipo does not scale with the same rate. Hence, the second
term at the RHS of the Equation 2.48 starts overtaking the influence on the scaling

rate of g4,. In this case, gy, starts descreasing as the device size shrinks further.

2.7.5 Input-Referred Noise Voltage

The equivalent input voltage noise performance of GD, BD and dynamic threshold

devices is discussed and compared in this section. There are mainly two noise sources
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Figure 2.23: Scaling of the output conductance for MOSFETSs operating in saturation
region.

associated with the conducting channel: thermal (or white) noise and flicker noise.
The origin of the white noise can be traced to the random thermal motion of carriers
in the channel. The physical origin of flicker noise is still not fully comprehended
and there is no universal agreement on this subject. According to number fluctuation
theory [86], flicker noise originates primarily from the fluctuation of the carriers in
the channel as they are trapped and released to and from the traps close to the Si —
Si0, interface. Normally, white noise and flicker noise are considered as independent
(uncorrelated). The drain-current-referred white noise power spectral density (74,87,

88] (Siw) valid in both linear and saturation region is given by

w 214+ n+7n?
Siw = 4kT —L—uCoz (Vos — Vin -3;_11_7;"_]
8  1+n+n?
> k030 (o 4 . 2.49
3 T+ 7 (9m + Gmp + gus) (2.49)

where

1~ Vps/Vpssat if Vps < Vpssa
n= DS/ VDSsat ps < VDssat (2.50)
0 if Vps > Vpgsat
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In saturation region, Equation 2.49 is simplified as
8
Si'w,sat = ng (gm + Gvs + gds) (251)

where S;y, so¢ denotes the current white noise PSD for a saturated MOSFET. In linear
region, 0 < 1 < 1, hence
3
Siw,sat < Siw,lin < '2‘S'iw,sa.t (252)
where Sy, 1in refers to the current white noise PSD of a linear MOSFET.
The PSD of the drain-current-referred flicker noise [74] is generally modeled as

KFg2 1
~czwr * jAF

Siy (2.53)

where
S;f = drain-current-referred flicker noise PSD.
If the influence of body bias is included in the flicker noise model [88,89], Equation 2.53

can be modified as
KFg2,

5= awr

(1+ CrK?) x F (2.54)

where

K = defined in Equation 2.38,

Cr = process-dependent flicker noise parameter that is associated with the body bias.
By summing the results from Equation 2.49, 2.54 as well as taking into account the
thermal noise originated from the gate and body parasitic resistances, the total gate-

referred input noise voltage is thus given by

72 _ 8kT(1+ K+1/A)1+n+n* KF(1+CrpK?
ng 39m 147 fAFCZWL

+4kT (R, + K*Ry) (2.55)

where
V,fg = gate-referred input mean-square noise voltage,
A = MOSFET’s intrinsic gain and is expressed as gm/gas,

R, = gate resistance,
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Ry, = body resistance.

Similarly, the total body-referred input noise voltage is written in the following man-

ner:
o 1 8kT(1+ K+1/A)14+n+n* 1 KF(1+CpK?) 1
=— — 4kT | —
Voo = 322 39m 1+n | KE JAFCZWL walta t B

(2.56)
Comparing Equation 2.55 and 2.56, it is observed that the BD MOSFET has higher
input-referred channel thermal noise and flicker noise than GD MOSFET by 1 /K2
As far as R, thermal noise concerned, gate-referred noise is less because the parasitic
body resistance is attenuated by K? times for GD MOSFET. Due to the reason
that BD MOSFET has smaller transconductance than GD MOSFETs by K times,
the BD MOSFET has higher PSD input-referred noise by approximately K2 times.
Figure 2.20 reveals transconductance ratio K scales at the rate of 1/\!/2. Hence,
the input-referred thermal and flicker noise of BD MOSFET increases faster with the
scaling trend than that of GD MOSFET.

o TS

oc

Figure 2.24: Schematic diagram of dynamic-threshold MOSFET.

It would be interesting to evaluate the input-referred noise of dynamic-threshold
MOSFET whose gate and body terminals are ac connected as shown in Figure 2.24.
The DC bias voltage between gate and body is used to bias the body properly so that
the body-source junction diode will not be turned on when the MOSFET operates in
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Figure 2.25: Input-referred noise of BD, GD and dynamic threshold MOSFETs.

saturation/linear region. The input-referred voltage noise for this case is:

g2 _ BKT(L+ K +1/4)  KF(1+CpK?

K
T 3(1 4 K)2gnm fAFCZWL(1 + K)?

1+ K

HART [(ﬁ)% +( )2R,,]
(2.57)
It is clear that dynamic-threshold MOSFET has the least input-referred noise due
to its enhanced transconductance (1 + K) g,,. Figure 2.25 shows the input-referred
noise values versus the frequency in logarithmic scale. MOSFETSs with aspect ratios
of W/L = 12.5 pm/0.18 pm are chosen for TSMC 0.18 pm technology. The DC
biasing voltages are Vgs = 1.8 V, Vg = 0.2 V and Vpg = 0.5 V. At this operating
point, the transconductance ratio K equals to 0.2. At 10 KHz input frequency,
flicker noise dominates. The input-referred noise PSD for BD, GD and dynamic

threshold MOSFETSs are 456x 10712 V2/Hz, 1.9x 1072 V2/Hz and 1.3x 10712 V2/H

respectively. The results verify the following theoretical relationships:

V2 1\’

b = 2.
2= (%) (2358)
VZ

—2 = (1+ K)? (2.59)
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2.8 CONCLUSION

In this chapter, the modeling issue of the BD MOSFET and its performance scalability
with the future trend were discussed. Useful conclusions can be drawn from the above

discussion:

e BSIM3V3 provides good considerations of body-effect, non-uniform doping ef-
fect both vertically and laterally, short-channel effect, short-width effect and
temperature dependence effect and their influence on Vj;,. However, models of
body resistance network as well as well-substrate parasitic diode are not in-
cluded in BSIM3V3. An improved model using subcircuit method is suggested
in this chapter to improve the simulation accuracy. This model is especially
useful if BD MOSFET is used in low-noise or RF applications. For low or
medium frequency (< 100 MHz) applications, neglecting body resistance net-
work does not affect the simulation accuracy of the frequency response. How-
ever, well-substrate junction diode should always be considered since it directly
contributes to the input capacitance and therefore affects the frequency perfor-

mance of BD circuits.

e In order to improve convergence and avoid any computation difficulties in stan-
dard BSIM3V3 implementation, linearization method is used in the threshold
voltage model expression, junction diode current equations as well as junc-
tion capacitance model equations once the body-source junction is forward bi-
ased. Due to the linear approximation, standard BSIM3V3 overestimates the
threshold voltage as well as underestimates the junction currents and junction
capacitances. In contrast to standard BSIM3V3 implementation that always
uses linearization when Vpg > 0, SPECTRE BSIM3V3 predicts the junction
capacitances more accurately by giving users the freedom to adjust/set the lin-

earization reference point. This freedom is gained via two more non-standard
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parameters F'C' and FCSW supported by SPECTRE. Junction currents can

be accurately predicted by choosing IJTH properly.

The scaling trends of the BD device performance are investigated and com-

pared with the conventional GD device. The current driving capability and

transconductance of BD MOSFET scale down due to the decreased body-effect

coefficient -y, transconductance ratio K and smaller over-drive voltage Vpgsas.

The scaling of I, K, gsat, guin as well as gy, are discussed in this chapter for both

BD and GD MOSFETs. If Vg is set to be the full power supply value for BD
MOSFET, the scaling factors of different MOSFET parameters are summarized

in the Table 2.3.

Table 2.3: Scaling factors of MOSFET parameters

Barameter Scaling factor |
K ~1/VA
gm,sat <1
m lin 1
Gmb,sat <1 / \/X
rmb,lin_ 1/vV
va/ V2, ~ A

The input-referred thermal and flicker noise of the BD MOSFET increases A
times faster than that of GD MOSFET. The input-referred noise of the dy-

namic threshold MOSFET (whose body and gate are ac connected) is the least
compared with the BD and GD MOSFETs.



Chapter 3

REGULATED BODY-DRIVEN CMOS CURRENT
MIRROR FOR LOW-VOLTAGE APPLICATIONS

A CMOS CM based on BD technique and active feedback scheme is presented in this
chapter. The proposed CM is immune to the threshold voltage limitation and offers
much higher accuracy over wider current operating range than other BD CMs. The
complete analysis of the input/output characteristics, system DC current transfer
error, noise performance, pole/zero locations and settling time is performed, and an
optimum design methodology is formulated. By using 1 V/1.5 V single power supply
and 0.18-um N-well process, SPECTRE simulation results validate the analytical re-
sults and the overall good performance in terms of wider input/output voltage swing,
lower input resistance and larger output resistance compared with the conventional

high-swing cascode CM.

3.1 INTRODUCTION

As both bias elements and signal processing components, CMs are the universal build-

ing blocks in analog VLSI circuits. The desirable performance of CMs includes:
1. compatible with the modern low-cost CMOS technology;

2. small DC voltage drop at both input and output to meet LV requirement, leave

sufficient signal headroom for the loads as well as achieve wide dynamic range;

3. high input-output current matching within wide dynamic range for accurate

signal processing;
4. low input resistance 7;, to decrease the load effect to the previous stage;
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Figure 3.1: Conventional CMs.
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5. high output resistance 7o, to avoid the potential loading effect from the next

stage;
6. good frequency response for high frequency applications.

However, modern LV submicron CMOS technologies with large second or higher
order effects put great challenge in designing high performance low voltage CMs.
For example, simple CM (Figure 3.1(a)) suffers significant current transfer error as
a result of serious short-channel effects, especially channel length modulation effect.

Equation 3.1 gives the I,y-I;, relationship of simple CM.

Tout _ (W/L)2 1 + A\Vspy (3.1)
I; (W/L)1 1+ AVspr ’

where A = channel length modulation factor.

Channel length modulation factor A increases with the scaling trend. In 0.18 ©m
technology, A is in the order of tenths. Equation 3.1 manifests that A plays an
important role in affecting the accuracy of the simple CM. To suppress this effect, CM
implementations utilizing cascode topology or feedback technique were designed, such
as cascode CM (Figure 3.1(b)) and Wilson CM (Figure 3.1(c)). Cascode CM has an
output impedance that is larger than that of a simple CM by a factor of g,,74,. Wilson
CM uses shunt-series feedback to increase the output impedance [90] by an amount
of the loop gain. However, both cascode CM and Wilson CM demand high input
voltage (Vi) and output voltage (V). These characteristics make them unfeasible
for LV applications. There have been several other advanced CM realizations (8,10,
91-103] in literature. The most referenced CM topology is the high-swing cascode
CM (HCCM) [93] shown in Figure 3.1(d). By connecting the gate terminal of M,
directly to the drain terminal of Mj as well as biasing the source-drain voltages of
MOSFETs M; and M, to be close to the minimum value for them to operate in
saturation region, the HCCM input voltage V;, is less than that of the conventional

cascode CM. The circuit characteristics of the different CM topologies (shown in



Figure 3.1) are compared in Table 3.1.

68

Table 3.1: Performance comparison of simple, cascode, Wilson and high-swing CMs

Simple CM | Cascode CM Wilson CM HCCM
Vinmin Vih + Vpssat | 2(Vik + Vbssat) | 2(Vin + Vbssat) | Vin + Vbssat
Vout,min Vpssat Vir + 2Vbssat Vin + 2VDssat 2Vpssat
Input resistance 1/gm1 1/9mi + 1/Gm3 1/9m 1/gm1
Output resistance 1/94s2 Ima/(9ds29dsa) | 9m3/(9ds19ds3) | Gma/(Gasaas2)

In Table 3.1,

Vinmin = minimum input voltage of a CM,

Vout,min = minimum output voltage of a CM.

Due to the diode connection to the input MOSFET, the minimum required iﬂput
voltages of the above CMs are bounded by the threshold voltage V;;, as shown in
Table 3.1. The fact that V;), does not scale proportionally with the power supply
predicts that Vj;, is and will be the main challenge for designing low voltage CMs.
Recently, this restraint was eliminated and input voltage swing was maximized by
using triode-based CM structures that employ level shifting [102] (Figure 3.2) or BD
techniques [10] (Figure 3.3).

B

M6

| M2 b - Ve

_|
a [

(a) CM topology (b) CM implementation

Figure 3.2: Triode-region CM with level shifting technique.
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Figure 3.3: BD CM.

3.2 CM USING LEVEL-SHIFTING TECHNIQUE

Level shifting technique employs a simple voltage level shifter between the gate and
the drain of the input MOSFET M, (Figure 3.2), thereby appreciably decreasing the
input voltage. The level shifter V, can be implemented as shown in Figure 3.2(b).
Since MOSFETs M; and M, operate in triode region, CM shown in Figure 3.2(b)
requires V;,, of less than Vpgge and V,; of less than 2Vpgs.:. With low power supply,
the maximum current that the CM can process is' determined by M,, M3 and M.
This can be explained as follows: as I[;,, increases, Vggo éhanges accordingly. Since
the drain-source voltage of M, equals to (Vgs2 — V;) and V;, remains constant, Vpge
increases by the same amount. Meanwhile, MOSFET M3 demands higher gate-source
voltage in order to conduct more current. In this case, MOSFET M; may enter into
triode region due to lack of sufficient headroom. CM shown in Figure 3.2(b) possesses

a cascode-type output resistance r,,; that is approximately given by

Bs
Tout ™ —————GmaTass(Tast || Tds 3.2
o ¥ g aTds3(Tds7 || Tass) (3:2)

where 8 = uC,,W/L.
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3.3 SIMPLE AND CASCODE BODY-DRIVEN CURRENT MIRROR

Although there are some limitations inherent in BD MOSFET (8], the fact of its equiv-
alence to a depletion type device and compatibility with standard CMOS technology
makes it very attractive for LV designs. By taking the prototype of conventional sim-
ple/cascode CMs, simple/cascode BD CMs were proposed in [10] and [8]. However,
drain-source voltage (Vpg) mismatch of triode-mode MOSFETs (M; and M,) leads
to very poor input-output current matching. In this section, simple and cascode
BD CMs are discussed. Techniques to improve their current transfer accuracy are

suggested.

3.3.1 Simple Body-Driven Current Mirror

Fig 3.3(a) shows the simple BD CM configuration using N-well CMOS technology.
Both of the transistors’ gates are tied to the negative power supply. In this case, the
input MOSFET is in triode operation, while the output MOSFET M, is permitted to
operate in saturation region. Hence, the input and output have nonlinear relationship

as shown in Equation 3.3.

I? al;, o?V2
Lot = 2%( 2‘;3 + 5 + 4SDI> (14 AVsps) (3.3)
1Y8D1

g

2¢/2|¢F| — Vs

where a =1 4

3.3.2 Improved Simple Body-Driven Current Mirror

One partial solution to remove the nonlinearity property of the simple BD CM is sug-
gested here. Instead of biasing MOSFET M, & M, in strong inversion by connecting
their gates to the negative power supply, we can bias M; & M, in moderate inver-
sion region. This method will make both M; and M, to operate in saturation region

within certain current range, therefore, increasing the input-output current matching
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Figure 3.4: I, vs. I, of simple BD CM.

property. For example, if 0.18 ym N-well CMOS technology and 1 V power supply
are used, by choosing Vge = 0.58 V, identical aspect ratios (W/L = 60 pm/2 pm) for
M, & M, as well as setting the source-drain voltage of M, to be 0.4 V, the SPEC-
TRE simulation reéult of output-input transfer characteristics is shown in Figure 3.4.
When the input current I;;, is small, nonlinearity is clearly shown in Figure 3.4. This
is because the input transistor M; operates in linear region while the output transis-
tor M, operates in saturation region. Good matching is achieved within the input
current range of 60 pA < I, < 85 pA when M; & M, are both in saturation region.
When I[;,, is larger than 85 pA, source-body voltages of M; & M, exceed the maxi-
mum allowable junction bias. Appreciable leakage current occurs. Therefore, I,,; no
longer follows I;,. The current transfer characteristic of GD simple CM is also shown
(as dotted line) in Figure 3.4 for comparison. Undoubtedly, the GD simple CM has

much better accuracy and higher dynamic range than the improved simple BD CM.
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3.3.3 Cascode Body-Driven Current Mirror

Cascode BD CM was proposed in attempt to increase the current transfer accuracy.
Thanks to the cascode structure (Figure 3.3(b), both M; and M, are guaranteed to
operate in linear region. Therefore, cascode BD CM has relatively better linearity
and higher output impedance than simple BD CM. However, due to triode operation
of M; and My, their output currents are linear tuned (based on first-order equation)
by source-drain voltages. Any small mismatch between Vsp; and Vsps induces large
input-output current transfer error. Furthermore, current swing is limited by the

cascode transistors (M3 and M,) which are also BD.

3.3.4 Improved Cascode Body-Driven Current Mirror

To achieve better input-output current matching, the improved BD cascode CM is
suggested as shown in Figure 3.5(a). Via appropriate gate biasing, M; & M, operate
in saturation region within certain current range. In order to keep M3 & M, in
saturation region during the signal swing, their gates are tied to the ground. The
SPECTRE simulation results of the cascode BD CM are shown in Figure 3.5(b), where
the same technology, power supply values, aspéct ratios, and bias conditions are used
as those in the simple BD CM. The input-output current transfer characteristics of
cascode BD CM, improved cascode BD CM, as well as cascode GD CM are plotted.
It demonstrates that the improved cascode BD CM has much better current transfer
accuracy than the cascode BD CM. At 60 pA < I;;, < 85 uA, good input-output
current matching is achieved because both M; and M, operate in saturation region.
When I;,, > 85uA, leakage current appears. In this case, I,; no longer follows I;,.
When I, is smaller than 60 pA, both M; and M, operate in linear region. However,
different values of Vsp; and Vsp, induce current transfer error. At I, = 0, large input-
output current mismatch appears particularly. This is due to the equivalent depletion

operation of BD transistors M; & Mj and their source-drain voltage mismatch.
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To have good current matching down to values approaching zero, a quiescent current
can be inserted to the input and output [9,10]. However, this method can not improve

the poor dynamic range.

—I— VDD _
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(a) Improved cascode BD CM (b) Iout vs. Iin characteristics

Figure 3.5: Cascode BD CM.

The above drawbacks make the CMs in [10] and [8] impractical in performing
precise current mirroring. In this chapter, a new BD based CM (BDCM) topology
is introduced, which employs simple active feedback to effectively minimize the Vpg
mismatch between two triode-mode MOSFETs. Thus, the current transfer accuracy
is significantly improved. Moreover, current operating range is extended by using GD
cascode transistors. This chapter is organized as follows. Section 3.4 briefly describes
the topology and operating principle of the proposed BDCM. Section 3.4.1 derives the
input/output voltage requirements and section 3.4.2 studies the input/output resis-
tance characteristics. In section 3.4.3, an analytical formula for DC current transfer
error is derived. Section 3.4.4 discusses the design methodology and settling behavior
of the proposed BDCM. Section 3.4.5 presents the noise performance analysis. Sim-
ulation results and experimental results are given in section 3.4.6 and section 3.4.7,

respectively, followed by the conclusions in section 3.5.
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3.4 REGULATED BODY DRIVEN CMOS CURRENT MIRROR

The proposed BDCM topology is depicted in Figure 3.6 and its operating principle
is briefly described as follows. Two matched, triode-mode MOSFETs M; and M,
perform current mirroring. Gates of M; and M, are tied to the negative power
supply Vss. This connection maximizes source-gate voltage Vgg to full power supply
value that has two fold benefits: (1) it helps to increase the current swing; (2) it
leads to lower input/output voltages. Negative feedback loop formed by cascode
MOSFET M; and amplifier A enhances the output resistance as well as ensures
M; and M, to have the same Vgp. Furthermore, M; and My have the same Vs¢o
and Vgp, thereby, achieving highly linear input-output current mirroring over wide
dynamic range. There are many possible realizations of the amplifier A. The simplest
realization [102] is shown in Figure 3.7 inside the dotted box. Mg and My are the
active loads of the amplifier and Vj;,s sets the bias current I, of M,-M7. Except from

M; and M,, the bodies of all the other transistors are connected to their own sources.

]" Vop

g

o E =]

Vss Ml b Vss

‘v Vou

g t M3

‘h? Y Io\ll v
Vss

Figure 3.6: Topology of the proposed BDCM.
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Vout

Figure 3.7: Detailed schematic of the proposed BDCM.

3.4.1 Input and Output Voltage Characteristics

For the proposed BDCM, the I — V equation describing the behavior of M in triode

region is given by
a
L=p (VDD ~ Vss — |Via| — EIVSB) Vsp (3.4)

where I) refers to the drain current of M;, Vgg is the source-body (bulk) voltage.
Given an input current I;,, the input voltage V;, shown in Figure 3.7 is thus approx-

imately obtained as
Ib + Iin
B (Vop — Vss — |Vin|)

where V5 term in Equation 3.4 is neglected for its small value and I is the nominal

Vin &

(3.5)

bias current of Mg and M;. When I, = 0 pA, the minimum input voltage Vinmin &
Iy

B (Vop — Vss — |Vinl)
that increasing the input current causes a corresponding linear increase in V;, with
1

1000 x ,B(VDD - VSS — |Vth|)
I — V characteristics of HCCM are also studied. By assuming all the transistors in

is typically in the order of few millivolts. Equation 3.5 shows

a slope of mV/uA. For performance comparison, the

HCCM are operating in the saturated mode and neglecting the second order effects,

the input voltage V, (in terms of I;,) is derived in Equation 3.6 based on first-order
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equation I, ~ 1/28 (Vgs — |Vth|)2

Vin % | Ve + v/ 21/ B (3.6)

Comparing Equation 3.5 and Equation 3.6, it is concluded that the proposed BDCM
exhibits superior performance than the HCCM in that it has lower input voltage
which implies higher input voltage signal swing. For example, assume the typical
design values |Vin| = 0.47V, 8 =1.1mA/V? and I, = 12 pA. For Vpp—Vgg = 1.5V,
it is obtained for BDCM that Vj; mi, = 10.59 mV and every 100 uA input current
increase leads to only 87.8 mV input voltage increase. Similarly, for Vpp—Vgg = 1 vV,
Vinmin = 20.58 mV is obtained and every 50 yA input current increase leads to only
85.76 mV input voltage increase. On the other hand, for HCCM, Vinmin = 470 mV
is obtained for the same design values.

‘The low voltage merit appears at the proposed BDCM’s output as well. The minimum

output DC voltage Vo min is expressed by

Vout,min = Vsp2 + Vpssats = Vspr + Vpssats = Vin + VDssat3

where Vpgsas is the saturation voltage of Mj. For zero input current, Voutmin is
only few millivolts above Vpg,qe3. Furthermore, Vout,min is linearly proportional to
Iin. It can be clearly seen that Vyy; mmn is lower than the minimum output voltage
(% 2Vpssat) of HCCM for the same design values. The above analysis clearly shows
that the proposed BDCM is immune to the threshold voltage limitation in contrast
to HCCM and provides more voltage signal room at input and output. It should
be emphasized that the minimum power supply Vppmin required by the proposed
BDCM is largely determined by M3 and the feedback amplifier. In order to keep M
- M7 always in saturation region over the entire current range, Vp D,min takes either

of the following two values whichever is larger.

Vbop,min = Vspe + Vsca + Vpse

Vopmin = Vspa + Vsgs + Vpsr
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Hence, if the maximum desired input current is Linmaz, VDDmin 1S approximately

given by
Vopmin = Max{Vpp1, Vppa}
where
1
Vop1 = 2 (VDssata + Vpssats + |Vina| + |Vin|)

I+ I, 1
+\/_ﬁl£ + Z (VDSsat4 + Vpssats + IVth‘i] - |Vth|)2’

1
Vbp2 = 3 (Vbssata + Vssatr + [Vins| + |Vinl)

I+ I; 1
_*_\/_..,_len’ﬂ + Z (VDSsatS + Vbssatr + |‘/th3l - H/thl)z’

Vbssats = \/2Linmaz/ B,
Vssats = 21/ B4,
Vissats = v/215/Bs,
Vbssatr = \/21,/Br.

For I;;, = 0, Equation 3.7 is approximately given as

Vbpminiin=0 = Maz{Vscs + Vpssats, Vsas + VDssats }

(3.7)

(3.9)

Clearly, the minimum single power supply value required by the proposed BDCM is

bounded by Vpp,min| 1,,—0. For typical design values of |Vis| = 0.47 V and Vpgeu =

0.2 V, Vppminj1,,=0 equals to 0.87 V.

3.4.2 Input and Output Resistance Characteristics

In this subsection, the input/output resistances of the proposed BDCM and the

HCCM are compared. The small signal output resistance for the proposed BDCM is

approximately given by

Im3
(9dsagas2) (1 4 dmd __Mg_)

9ds2 gma+9dse

Tout ~ Af
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In the above equation, Ay is the gain of the feedback amplifier, defined as A; =

9ms/ (9ass + gas7)- Typically, ﬁ% < 1. Hence, 74y is further simplified as
Pout & Ap—TT3 (3.10)
9ds39ds2

Similarly, for HCCM, the output resistance r,,, is given by

Tout & 9ma/ (9asaGsn) (3.11)

As M, operates in the triode region for BDCM whereas it operates in the saturation
region for HCCM, gqys2 is typically 10 times larger than gj,,. Furthermore, since A
is typically chosen to be in the order of 100, therefore, 7., is about 10 times greater
than r/ ,. To determine the input resistance of the proposed BDCM, Taylor series
expansion is performed on Equation 3.4 (note that Vsp < 2|¢r|). By taking the first

two dominant terms, a closed-form solution of I — V equation is obtained as

1 i 2
L = Vop —Vss — |[Viwo|) Vsp — = | 1 — ——= | V& 3.12
1= 0 [(Vbp — Vss — |Vino|) Vs 5 ( 5 2|¢F‘> sB} (3.12)
Thus, the input conductance of M, is derived as,
91 =B (Vpp — Vss — |Vino| — KVsp) (3.13)

Y

24/2|¢rF|

Since Vs < Vpp — Vss — |Vino| and K < 1, KVgp term in Equation 3.13 can be

where K =1 —

neglected and g, is simplified as

g1 = B(Vbp — Vss — |Vinol) (3.14)

Finally, the input conductance of BDCM is given by

9ds7 (Jdss + gms) (3.15)
9ds5 + Gas7

Gin =01+
The input conductance of HCCM is approximately

Gin = B (Vi — [Vinol) (3.16)
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Thus, under the same power supply, the proposed BDCM has lower input impedance
than HCCM does. Above analysis shows that, the proposed BDCM has better perfor-
mance than HCCM by offering lower input impedance and higher output impedance.

Therefore, the loading effects on previous stages and from next stages are less for the

proposed BDCM.

3.4.3 DC Current Transfer Error Analysis

DC current transfer error ¢, defined as € = (Ipyt — Iin) /Iin, consists of random error
and system error. Random error is associated with the random transistor parame-
ters mismatch which can never be avoided, but can be decreased by careful layout
techniques, such as segmentation and common-centroid layout for matched devices.
System error, on the other hand, is directly related to the design topologies and is in-
duced by asymmetrical biasing of the matched transistors. Since the system error can
be appreciably decreased or eliminated by carefully choosing the device parameters,
deriving the system error as a function of device parameters and input current I;,
will be very useful in leading to optimum design. In this section, the system current
transfer error is discussed. Random error is neglected by assuming that the proposed
BDCM is free of transistor mismatches.

Considering asymmetrical operating conditions of the matched transistors, we assume
M, and M;5 conduct currents Iy and I, respectively; and the source-drain voltage for

M, and M, are Vspy and Vgps, respectively. I, and I;, are then expressed as

a

Ly=p (VDD ~ Vss — |Vina| — 72VSD2) Vspa — 14 (3.17)
(67

Iin=25 (VDD — Vss = |Vina| — ‘2—1Vsm) Vsp1 — Is (3.18)

Using Equation 3.17, Equation 3.18 and the approximation that |Vins| = |Vin| =

[Vinl, o1 = ag = 1, and Vgps + Vsp1 = 2Vsp1, we get

Iowt — Iin = B (Vpp — Vss — |Vin| — Vsp1) (Vsp2 — Vspr) + (Is — 1) (3.19)



80

From Equation 3.4, Vsp, is derived as

Vspr = (Vop — Vss — |Va]) — \/(VDD ~Vas — |Vinl)? = 2(in + L)/ B (3.20)

Hence,

Tt = =8 [\/ (Voo — Vs — [Vl)® — 2 (Im + 1) /8 (Vipa — Vsm)} (- 1)

(3.21)
As shown in Equation 3.21, the mismatches between Vsps & Vsp; and Iy & I5 directly
lead to DC current transfer error, e. Our target is to associate these mismatches to
the design parameters and I;,. To achieve this target, one must carefully examine
the cause of the error and inspect how the error is transferred from one device to
another and finally gives rise to the above mismatches. We begin our observation by
assuming I;, increases/decreases. Similar change will occur for I, which forces Vggs
(source-gate voltage of Mj3) to increase/decrease accordingly. Note that the gate of M3
feeds into the drain terminal of My, so the drain voltage of M; decreases/increases.
Then, the drain current of M, (I;) will, through the channel length modulation
effect, undergo a negative/positive excursion. However, unlike My, there is no similar
disturbance from Mj to the drain voltage of Ms. Therefore, the drain current of
Mg (Ig) does not change as much as I;. The difference between I; and Ig leads to
mismatch between Vsgs and Vsgy. Correspondingly, the same mismatch also exists
between Vspe and Vsp,; concluded from the fact that Vspy — Vepr = Vsgs — Vsas. So,
it can be understood that the variation of Vggs initiates the mismatch, and results in
the current transfer error through the feedback path. The above discussion may be

expressed quantitatively by the following equations:

2[4,5
(1 4+ AasVispas) Bas

Ios = Is7 = 1/2 Bo;r (Viias — Vins,7)* (1 + X6 1Vbser) =~ I (1 + Xe,7Vpser)  (3.23)

Vose = Vo — Vsga = Vo — (Wthd +/ 2-’b/ﬂ4> (3.24)

Vscas = [Vinas| + \/ (3.22)
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Vost = Va = Vsga ~ Vo — (Vass| + 2L/ s (3.25)
Vspa — Vsps = (Vsp1 — Visp2) + (Vosr — Viss) = Vst — Vise (3.26)

where V; is the voltage at node 2 and J; is the channel length modulation coefficient
for transistor i, where i = 4,5,6,7. It is assumed that {Vipa| = |Virs|, Vine = Vinr,
Bs = Br, Bs = Bs, A\e = A7, and Ay = Ay for the matched MOSFET pairs M, & Ms
and Mg & M;. The approximations in Equation 3.24 and Equation 3.25 are taken
by neglecting the channel length modulation effects of M5 and M, for the ease of
derivation. And approximation in Equation 3.26 is reasonable due to the fact that

Vsp1 — Vspe < Vpsr — Vpss. By substituting Equation 3.22- 3.26 into Equation 3.21,

and using the approximation that \/(1+z) /(1 +y) = 1+1/22—1/2y for 0 < z < 1
and 0 < y €« 1, where z = X6,7VDs6,7, ¥ = As5Vspas, the current transfer error is

derived as follows:

e~ (Ag+ Xg) \/I—b[ﬁ (\/(VDD — Vss — |Vaal)® - 2—'(12—11;-—[1))) \/:Bi:-i- 2[4,]
. (\/Ib/@; - \/Iin/ﬂs) (3.27)

Lin
Some useful design information can be drawn from Equation 3.27.
1) Equation 3.27 shows ¢ = 0 at I, = (83/B4) I,. It implies that, by properly choosing
the sizes of M3 and My such that B3/84 = I;,/I,, the system current transfer error can
be totally removed. The designer may utilize this property to maximize the accuracy
when the proposed BDCM is used as a current reference.

2) For I, > I, Equation 3.27 may be approximated as

2
e~ — (O + o) B I \/(VDD —Vss — [Vanl)” g) (3.28)

B304 I; B

Equations 3.27 and 3.28 demonstrate that increasing 83 and 34 as well as decreasing

Iy, Aq and Xg are preferable for better current transfer accuracy. This is intuitively
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true since larger (3 results in less Vggs variation for the same I, range. Also, the
Vsp2 and Vsp; mismatch can be suppressed by increasing the gain of the feedback
amplifier, which can be achieved by decreasing A4, As, Iy and also by increasing (.
Note that, although § appears in Equation 3.27, it is not considered as a factor that
affects €. The reason is that [ is normally determined by the input current operating
range, therefore, we do not have much control over 3.

3) Equation 3.27 demonstrates the linear dependence of € on A4 and Ag, whereas
square-root dependent on I, and ;. This fact makes decreasing Ay and Ag (i.e. in-
creasing the lengths of My and Ms) the most effective approach to improve current
transfer accuracy.

In order to validate Equation 3.27, ¢ is evaluated and then compared with the simu-
lation results in Figure 3.8, which illustrates the current transfer error in percentage
(€%) as a function of I;,. Clearly, calculated values are well in agreement with the
simulation results over wide current range. More than 8-bit (~ 0.4% error) accuracy
is achieved for 54 pA < I;, < 290 pA for the proposed BDCM.

The discrepancy between the calculated and simulated values at large input current
I, > 270 pA can be explained as follows: A7 is assumed to remain constant in
Equation 3.23 for the sake of simplicity. However, in practice, as I, increases, Vpgr
decreases which pushes M7 slowly from strong inversion into moderate inversion that
leads to an increase in A7. Furthermore, |V;3| is assumed to be 0.47 V in Figure 3.8.
However, |Vi| slowly decreases as the input current increases. Both the increase
of A7 and the decrease of |V;;| cause more current transfer error than expected by

Equation 3.27.
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Figure 3.8: Comparison of analytical and simulated current transfer accuracy £%
versus Iin, for Vpp =15V, Ve =0V, |Viu| =047V, I, = 12 pA, B = 1.1 mA/V?,
Bs=117TmA/V?, 3 =76 mA/V?, Ay =0.088 V™! and \g = 0.02 V1.

3.4.4 Design Methodology and Settling Behavior

In this section we discuss the settling behavior by studying the pole/zero locations
extracted from the transfer function. In order to optimize the settling time, de-
tailed design procedure is given. Figure 3.9 shows the small signal diagram of the
proposed BDCM whose output is short-circuit under the assumption of a low load
impedance. If the CM has a large load impedance, the poles developed in this
section are still valid but represent non-dominant poles. In Figure 3.9, Cjais Cisi
Cysir Cyair Chai, and Cp; denote, the drain-body junction capacitance, source-body
Junction capacitance, gate-source capacitance, gate-drain capacitance, body-drain ca-
pacitance and body-source capacitance; respectively, where ¢ = 1,2,3,4,5,6,7 and
Ci = Cps1 + Cos2 + Chsubt + Cosubz + Cjs1 + Cjsz + Cya1, where Chgypy o Tefer to the
body-substrate capacitances of M; and M,. To derive the transfer function of a feed-
back system, traditional practice suggests dividing the system into the forward and
feedback paths, and using the ideal feedback equations by including the loading effect
of the feedback network [104]. Unfortunately, Figure 3.9 reveals that the basic CM
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Figure 3.9: Small-signal model for the proposed BDCM.

(formed by M;-M3) and the feedback amplifier (formed by My-M) are deeply coupled.
Thus, decoupling the forward and feedback signal paths becomes infeasible. An alter-
native straightforward approach is to obtain equations for the whole circuit and solve
for the transfer function. Assume the matched transistors are under the same bias
conditions, i.€. gmi2 = gmb1, Gds2 = Gds1, Gms = Gmd, Gds5 = Jdsa> Jds1 = Jas6, Cyaz =
Cod1, Coaz = Cba1, Cjas = Cjaa, Coyss = Cysay Cyar = Cyas, and Cjar = Cjg6. After

simplification, a 2-pole, 2-zero model is obtained as

Tow . N(S) _ N282 + Nis+ Ny
Ln ~ D(s)  Dys®+ Dis+ Dy

(3.29)



85

where

No = gm3gas

Ny = (Cysa + 2Cj44) Gmagma,

Ny = [Cya5Coaa + Cjas (2Cqss + Cias)] gms»

Dy = gmagi.s,

D1 = g4 [Ciaagast + Cysagms + Coss (gast + 29ma)] ,

Dy = 2Cy54Cjas (9as1 + 9m3) + Cys3 [Cidagast + 2Csa (gast + 2gma)] -

The zeros appear due to the feedforward signal paths created by C,s and Cjq of Mjy
and Ms. If the circuit has pole-dominant behavior, dominant pole can be easily de-
rived from the transfer function after approximation. However, the proposed BDCM
has more than one dominant pole. The pole/zero expressions derived directly from
Equation 3.29 take complex formulations which make finding optimum design values
a very difficult task. Due to the above difficulties, in this work, symbolic analysis [105)
with the help of MATHEMATICA [106] is performed to evaluate pole/zero locations.
The design methodology starts with choosing the transistor sizes and the feedback
gain according to DC specifications. The design parameters that cannot be deter-
mined are considered as design freedom. Then, by varying the values of these unde-
termined parameters within reasonable range, transfer function, thereby, pole/zero
locations are evaluated. Finally, from the information of dominant poles and zeros,
the settling time and overshoot are calculated as functions of the design freedom.
Firstly, minimum lengths permitted by the technology are assumed for M;, M, and
Mj3. In our case, 0.18-um CMOS technology is employed. After taking 0.02 um etch-
ing error into consideration, the length dimensions of M;, M, and M3 are chosen as
Ly=Ly=L3;=0.2 uym.

Secondly, the widths of M; and M, are determined by the desired input current range.
For example, the proposed BDCM is targeted to deliver up to 300 pA current with 1.5

V power supply. Then, within the entire input current range, Vsp should be always
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kept in a safety margin of Vs < 0.4 V to avoid forward biasing the source-body
diode. By using Equation 3.5, setting V;,, = 0.4 V, I;; = 300 pA and neglecting I,
(since typically I, < 300 uA), W, and W, are calculated to be 3 um.

Thirdly, the gain, Ay, of the feedback amplifier is chosen to meet the current transfer
error and the output resistance specifications. For the design objectives of ry,; > 5
MQ and || < 0.4% (i.e. more than 8-bits accuracy), which is a widely accepted accu-
racy limit for a CM used in current-mode based circuit, a moderate gain of A s =43
dB is assigned based on Equation 3.10. Since the lengths of Mj, Mg and My dominate
the influence on ¢ as discussed above, Ly = L = 0.6 pm and Lg = Ly = 2 ym are
chosen to achieve || < 0.4%. Then, W, and I, are related as:

o 2000
2;UCaa:/L4

After the above analysis, two unknowns (I, and W3) are left as design degrees of

Iy (3.30)

freedom. Note that in Figure 3.9, all the MOSFET parasitic capacitors, transconduc-
tances (gm:), and output conductances (gq4s;) are functions of biasing parameters and
transistor geometries. Therefore, by using the 0.18-um CMOS technology data, the
defined transistor dimensions, and implementing the simplified small-signal parame-
ter calculation method [72]- [74} in MATHEMATICA, the current-transfer function
A(s) = Iut/Iin is expressed as a function of I, and W5. Poles and zeros are then
calculated for different I, and W3 values. It is worth mentioning that during the com-
putation iterations, W, changes along with I, (as shown in Equation 3.30) in order
to maintain constant A which is pre-defined by the design specifications. The real
parts of the dominant poles and zeros versus I, and W3 are shown in Figure 3.10.
Observing that large J; not only consumes too much power, but also leaves less swing
room for [;, Iy is varied from 1 pA to 40 pA. Based on Equations 3.27 and 3.30,
W3 is varied between 6 pum and 28 pm to satisfy |¢| < 0.4%. Higher frequency poles
and zeros are ignored since they are at least 10 times away from dominant ones. The

fact that all the poles appear in LHP of S-plane implies unconditional stability of



87

the proposed BDCM, which is also demonstrated in Equation 3.29. It is clear from
Figure 3.10 that I, plays a major role in affecting pole/zero locations. As I, keeps
increasing from 1 pA to 40 uA, two real poles first come closer and meet on the real
axis, then split along the imaginary axis. Zeros have the same property, but they
become complex at higher bias current value (I, = 4 pA). The influence of W3 on the
pole/zero locations is not as much as that of ,. Figure 3.10 shows that when Wj is
large, the change of poles or zeros from real to complex happens at relatively large I,
value.

Based on the dominant pole-zero information, the 1% settling time of the step re-

Real Parts of Poles/Zeros (x 10° rad/sec)

25 30 35 40

°1§ : e
@z (k
4%/ 5 [ 10 15 Ib?ﬁA)

Figure 3.10: Real parts of dominant poles and zeros versus I, and Ws.

sponse is performed plotted in Figure 3.11 and is explained as follows:

When the circuit has two real poles (i.e. I < 2 pA), the pole closer to the imaginary
axis represents a slow settling component. Thus, the settling time is large at low
values of I, as seen in Figure 3.11. Also, no overshoot appears because the real zeros

are further away from imaginary axis than the real poles are [107]. Hence, the step
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Figure 3.11: 1% step response settling time versus I, and Ws.

response waveform enters the defined +1% error region from lower bound. However,
as I, increases, overshoot starts. At I, =~ 4 pA, the step response waveform starts
entering the error region (without leaving) from upper bound instead, which corre-
sponds to a discontinuity in Figure 3.11.
When the circuit has two complex conjugate poles, real parts of the poles move away
from imaginary axis as I, increases. This explains why the settling time decreases
when I, > 4 pA. Although better settling time can be achieved by increasing I or
W3, but by doing so, the damping factor decreases, thus leading to relatively large
peak overshoot. This phenomenon is clearly shown in Figure 3.12, where overshoot is
plotted as a function of I, and Wj. Thus, I, and W; should be chosen by considering
both settling time and overshoot specifications.

Also, zeros, which are located at higher frequencies than poles, have the function of
increasing the overshoot and decreasing the rise time.

Finally, we should keep in mind that the above analysis is based on the small signal
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Figure 3.12: Overshoot versus I, and Wj.

model and assumes the circuit is characterized as a linear system. Thus, the pre-
cise numerical values of settling time analysis are not of major importance, but the

qualitative aspects are worth considering.

3.4.5 Noise Analysis

For simplicity, we assume all noises are uncorrelated and the matched transistors
are under identical operating conditions, i.e. gms = Gm4, Gds5 = Gdsa, Gmbr = Gmb2,
gds2 = gds1, and gge7 = gas6. In order to find the power spectral density (PSD) of
output noise current (;3:;;), the transfer functions from individual noise sources to
the output have to be derived first.

The transfer function from the noise current of My to the output is calculated first.
Considering the in-band (inside the CM’s bandwidth) noise only and representing the
noise of My by a current source i,4 connected between the drain and source terminals,
the small-signal diagram is shown in Figure 3.13. If the transfer function of i,out/in4 is

derived directly from Figure 3.13 without any simplification, it will be difficult to gain

insight into the circuit. In this section, a simple approach to derive i,y/in4 is given,
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which greatly simplifies the analysis and expedites the understanding of the circuit

noise property. Figure 3.14 illustrates the simplified small-signal diagram version of

:TE Emp¥i %gdsl @j}g 452
<
v
2
]

8us3

Figure 3.13: Small-signal diagram for calculating ineut /ins.

842

Bpit8uss <f>
gAY

Emb?'1

Figure 3.14: Simplified small-signal diagram for calculating inous/ina.
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Figure 3.13. Based on the fact that vs/vs = Ay, vy (in Figure 3,13) is replaced by
Ajvuz (in Figure 3.14). Since v; = vy, gms2 can be viewed as a pure resistor connected
in parallel with ggss. The fact that M is in triode operation suggests g4 is much
greater than gn. Therefore, gn;2 can be neglected from the small-signal diagram for

further convenience. With the aid of Figure 3.14, we have

inout = - (gds2v2 + 7'6)

Note that Ms is the active load of the feedback amplifier and is designed to have large
output impedance. From Figure 3.14, it is easy to obtain vy /vs = Argma/ (gus2 + gm3) >

1. Therefore, i is insignificant compared with the drain current of M,. Hence,
tnout N —Gds2V2 (3.31)
Knowing gms + gasa > gdse, it follows that i,4 is mainly conducted by g4 + gass:
Vo & ~ina/ (Gma + Gdsa) (3.32)

Combining Equation 3.31 and 3.32, we have

inout/ina = Gds2/ (Gma + Gdsa) = Gds2/Gma (3.33)

The transfer gain from Mg noise current to the output can be computed in a similar
way. Figure 3.15 shows the simplified small-signal diagram, where i,¢ represents the
current noise of Ms.

For the circuit shown in Figure 3.15, the following equations apply

nout = — (gdsz’Uz + i4) (3.34)
ig N ing (3.35)
Vg x U4/ (Gma + Gasa) (3.36)

where Equation 3.35 is taken under the fact that vo/vs >> 1 and gmg + gasa > gass-

Thus, ineyut/ing equals to

inout/inG == (1 + gd32/gm4) (337)
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Figure 3.15: Simplified small-signal diagram for calculating i,y /ine-

The current transfer DC gains from 4,5, in7, 7,1 and i, to the output can be calculated

in the same manner, where 7,; refers to the noise current of M;, i =1,2,5 and 7. In

summation,
Z.n.o'u.t/i'ns = 7:mmt/7;n4 = gds2/g7n4
inout/irﬂ = incmt/inS = '—(1 + gdsZ/gmtl)
inout/inZ - Z.nout/":nl =1

The output noise contributed by Mj is negligible. Thus, by neglecting the noise
originated from body resistance and gate resistance, the overall PSD of the output

current noise ( ,zmt) is given by

2 2
o 9ds1 \ =5~ 9dsi\ 75—
Tnout = 2[ ( ) zi4+(1+——) Zis}
9m4a m4

) KFg2,(1+CrK?
21 = 3KT [% uCop (Ve — |Vial)] HEEL + ;,L‘égz e ),

where

i?m = §kTgm4 + m“}ﬁ,
2
kTng + ﬁ%ﬂ-&'ﬁ.

n6
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i2,, i3, and 2 are the PSD of noise currents generated by M,/M,, M;/M;s and
Meg/M;, respectively. Apart from M; and M,, the feedback amplifier contributes
extra noise current to the output. Increasing Iy, i.e., decreasing ggs1/gma, helps to

decrease the output noise current.

3.4.6 Simulation Results

SPECTRE simulations were carried out by using BSIM3V3 model provided for 0.18-
pm N-well CMOS technology with single 1.5 V and 1 V power supply. The MOSFET
dimensions are given in Table 3.2. Vj,;, is taken to be 0.65 V that gives I, = 12 pA.

Figure 3.16 shows how the input voltages vary with the input current. For com-

Table 3.2: MOSFET Dimensions

MOSFET Name | Aspect Ratio (W/L) |
Ml,M2 3 um/02 j2a11%
M; 20 ym/0.2 pym
My, Ms 12 pm/0.6 pm
Mg, M7 3 um/2 pm

parison, the input I — V characteristics of HCCM are also simulated and plotted.
Since V;, is directly related to (;, a fair comparison is only possible if both the pro-
posed BDCM and HCCM have the same M; and M; dimensions. The transistor sizes
used in HCCM circuit are (W/L),, = 3 um/0.2 pm and (W/L);, = 6 pm/0.2 pm.
As expected, the DC input voltage of the proposed BDCM is much less than that
of the HCCM. For example, when I, = 50 pA, V;, for the proposed BDCM and
the HCCM are 0.13 V and 0.8 V with Vpp = 1 V, and 0.07 V and 0.79 V with
Vop = 1.5 V, respectively. Figure 3.16 also verifies the linearity between V;, and
I;,, as described in Equation 3.5. Different slopes of the V,, — I;;, curves reveal that
the proposed BDCM has less input impedance than the HCCM. The output charac-

teristics (output current I,,; versus the output voltage V. for different I;;) of the
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Figure 3.16: V;, versus I;, characteristics.

proposed BDCM and HCCM are shown in Figure 3.17. It is evident that the pro-
posed BDCM has lower output voltage and more than 10 times as large as the output
resistance of the conventional HCCM. For example, at an output voltage of 1 V,
Vpop = 1.5 V and I;, = 125 pA, the output resistance of the proposed BDCM and the
HCCM are 6.5 MQ and 0.26 M, respectively (Figure 3.17(a)). 7oy of the proposed
BDCM and the HCCM are 2.1 MQ and 0.2 M, respectively (Figure 3.17(b)), with
Vop=1V,I;;, =60 pA and V,,; = 0.6 V.

The driving capability of the proposed BDCM as a function of power supply is de-
picted in Figure 3.18. I;; mq, refers to the maximum current that the proposed BDCM
can deliver with different supply voltages. When Vpp > 1.2 V, I ;e increases with
Vpp at the linear slope of GVsp maz, Where Vsp mar €quals to 0.4 V to avoid for-
ward biasing the source-body diode. At smaller power supply values (Vpp < 1.2 V),
VsBymaz = Min [Vpp — Vgss — Vost, Vop — Vasa — Vipgs). For comparison, the driv-

ing capability of the HCCM is shown as dashed line in Figure 3.18. A practical design
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Figure 3.18: I;;, mar versus Vpp.

would involve leaving a reasonably 2Vpgsa: (= 0.4 V) voltage room for the load at the

’
n,max

HCCM input. Therefore, the maximum input voltage is approximately set to

be (Vpp —0.4) V and I, .. can be easily attained from Equation 3.6. Operating
at the same supply voltages, the proposed BDCM delivers higher current than the
HCCM. For example, with 1 V/1.5 V power supply, up to 84 1A /300 pA current
can be delivered by the proposed BDCM while only 10 zA/166 uA current for the
HCCM.

Finally, the step response was simulated by applying a 50 yA input current pulse at
the input. 1.5 V power supply is used in this case. Simulation results (Figure 3.19)
give 1% settling time of 5.7 ns and 3.5% overshoot, which are very close to the values
obtained from the symbolic analysis. As discussed in the previous section, the over-

shoot appeared in the step response can be attributed to the presence of the conjugate

poles.
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Figure 3.19: Step response of the proposed BDCM.

Figure 3.20: Layout floor plan of the BDCM.
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Figure 3.21: Current transfer error vs. I,.

3.4.7 Experimental Results

"The proposed current mirror is fabricated and measured to evaluate its performance.
Figure 3.20 shows the layout floor plan of the BDCM. In order for easy observation,
the interconnections between each device fingers and between different devices are not
shown. M), M,, My and Mj are built in separate N-wells and the following layout

techniques are utilized.

o Large devices are broken into identical fingers/segments to achieve compactness

as well as reduce the parasitic effects;

e Matched transistor pairs My & My, My & Ms, Mg & M; are placed in close

proximity and with the same orientation;

e In order to reduce the distance from the body to the channel and avoid excessive
body/bulk resistance, interdigitated body/bulk contacts are placed through the

transistors (M, and M,) at regular intervals.
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The measured current transfer error as a function of the input current is shown in

Figure 3.21. Clearly, the experimental results match the theoretical analysis closely.

3.5 CONCLUSION

A regulated BD CMOS CM is presented which has wide dynamic range under low volt-
age requirement. By using active feedback and BD techniques, the proposed BDCM
achieves high input/output voltage swing, low input resistance, high output resis-
tance and good current transfer accuracy. Closed-form expressions for input/output
characteristics and DC current transfer error have been derived that provide a better
understanding of the DC performance. Detailed design methodology is provided in
this chapter and the influence of the design parameters on the pole/zero locations has
been studied. It is observed that care should be taken in choosing bias current due
to settling time and overshoot tradeoff. A simple approach to evaluate the transfer
functions from the noise sources to the output is provided in this chapter that sim-
plifies the analysis and expedites the understanding of the noise performance.

The proposed BDCM is a good candidate for low voltage and high precision signal
processing applications. Since it is able to deliver large current but requires very low
input and output voltage, the proposed BDCM can be used as output stage of current

amplifiers.
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3.A APPENDIX: SETTLING ANALYSIS

The proposed BDCM is modelled as a 2-pole, 2-zero system given by

Tout _ N(S) _ N282+N15+N0
Iin o D(S) - D232 + Dls +D0

A(s) = (3.38)

From Figure 3.10, three possible scenarios exist for the proposed BDCM:

Scenario 1. The system has two real poles and two real zeros;

Scenario 2. The system has a pair of conjugate poles and two real zeros;

Scenario 3. The system has a pair of conjugate poles and a pair of conjugate zeros;

The step response of the system is then derived based on individual scenarios.

3.A.1 Scenario 1

If the system has two real poles and two real zeros, Equation 3.38 may be described

in the form of

_ Iout _ (1 -+ 3/21)(1 +S/22)
Als) = L (14s/p)(1+s/p2) (3.59)

Without losing generality, let’s assume p; < p; and s’ = s/p;. By taking the Inverse

Laplace Transform of A(s’)/s’, we have

i (t) =1+ e (& — p) (b2 — p) + €7*p(&1 — 1)(&2 — 1)]

1
&i&a(p— 1) [
where
& = 21/p,

& = z/p1,
p=p2/p1.
The step response is then easily derived by utilizing the time-scaling property of the

Laplace Transform:

1/p1F(s/pl) <= f(p1t)
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3.A.2 Scenario 2

In Scenario 2, Equation 3.38 is re-written as

- (1+s/z1)(1 + 5/2)
" s2cos20/Re? +5-2cos62/Re + 1

(3.40)

where

Re = real part of the conjugate poles,

0 = arctan (Im/Re),

I'm = imaginary part of the poles.

Defining §; = 21/Re, & = z3/Re and s’ = s/Re, The Inverse Laplace Transform of
A(s)/s, i, is given by

1 l)sin(tanﬁ-t) 1 sin(tanf -t —0) wsin(tane-t-t-e)}

-1 _ -t . — —_
'Lwt(t) = 1+4e |:<£1 + 52 sin 6 cos 6152 sinf cos? @ sin @

3.A.3 Scenario 3

If the poles and zeros are both conjugate pairs, the system can be described as

B s*jw?+ s 2Re,/wi+1
~ s2cos?0/Re? +5-2cosf2/Re + 1

A(s) (3.41)

where

Re, = real part of the zeros,

w, = distance from one of the zeros to the S-plane origin.
cosf and Re have the same meanings as above.

It yields,

i _ 2. . : .
() = 1+e™t [(2ReRez> sin(tanf-t) Re’sin(tanf-t—6) sin(tand-t+0)

o w? sinfcosé w?  sinfcos? 6 sin @



Chapter 4

DESIGN OF A 1.8 V CMOS LINEAR OTA AND ITS
APPLICATION TO CONTINUOUS-TIME FILTERS

4.1 INTRODUCTION

| |
A"/ i
—i— .
V. oA RA A Vin+ R ¥ 0
" b0 Vout R A Vom
Vin- o7 + = 0
C
| 1
= ]
(a) Active-RC integrator (b) MOSFET-C integrator

out

-
l<

(c) Switched capacitor integrator

V.
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C

!

(d) Gm-C integrator

Figure 4.1: Building blocks of integrated filters.

CMOS integrated analog filters [92, 108, 109] can be classified into five types:

102
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active-RC, MOSFET-C [110-119], OTA-C [91, 120-129}, switched-capacitor and ac-
tive LC filters.

A simple active-RC integrator(Figure 4.1(a)) consists of an op-amp, a feedback ca-
pacitor and a passive resistor. Since the only active component is op-amp, this type
of filter can achieve very low distortion if highly linear resistors are available on-chip.
However, due to the variation of the on-chip resistor and capacitor values, the cut-off
frequency of the integrated active-RC filters can only be controlled within the accu-
racy of less than 20%. In order to maintain precise filtering characteristics against
process variation, temperature drift, and aging, the integrated filters are always de-
sired to be automatically tunable. Unfortunately, only discrete tuning is available for
this type of filter by using arrays of passive components. Also, the local feedback
around op-amp induces Miller effect that makes active-RC filter not feasible for high
frequency applications. Currently, the main challenge to design active-RC filter is
designing low-voltage op-amp that is able to drive resistive loads.

MOSFET-C filter differs from active-RC filter in resistor implementations. In MOSFET-
C filter (Figure 4.1(b)), MOSFETSs operating in ohmic regions are used to replace re-
sistors. In this manner, automatic tuning is realized by controlling the gate voltage of
the triode MOSFET. However, the linearity deteriorates due to the non-linear resis-
tance of the triode MOSFETs. In order to cancel out the even-order nonlinearities at
the output, the MOSFET-C integrator is always implemented in balanced topology.
Switched-capacitor filter (Figure 4.1(c)) uses switches and capacitors to emulate re-
sistors. Accurate frequency response is achieved by the capacitor ratios which can be
set precisely. Unfortunately, this type of filter is not feasible to process high-frequency
signals since the minimum nyquist sampling rate is required in the time domain.
Active LC filters are good candidates for RF applications. Compared with other types

of continuous-time filters that use active components to synthesize the equivalence of
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an inductor, active LC filters achieve larger dynamic range with the same power con-
sumption as well as suffer less distortion and noise. However, the non-ideal properties,
such as losses from the series resistance and the parasitic coupling capacitances to the
substrate, limit the quality factor (below 10) of on-chip inductor [130,131]. Hence,
the active LC filters are less selective. They can not meet the design demands from
filters with narrow passband or narrow transition band.

OTA-C (or gn,-C) filter (Figure 4.1(d)) is the most widely used filter in integrated
circuit applications. It is only comprised of transconductors/OTAs and capacitors,
which greatly decreases the components count, simplifies the automatic tunability as
well as provides high-frequency capability. In OTA-C filters, transconductors oper-
ate in open-loop condition. Thus, designing highly linear OTA is the main challenge
for OTA-C filter. Typically, video applications and an 8-bit A/D converter require
THD of OTA to be smaller than —50 dB. Another common requirement for OTA-C
filter is to have at least +33% tuning range for correcting process and temperature
variations [132]. In this chapter, we focus on linear OTA-C filter design. After the
fundamental discussions of OTA-C filters as well as the performance comparison of
the state-of-art linear transconductor topologies, a highly-linear transconductor de-
sign utilizing BD technique is proposed. Its application in high-performance filter

design is discussed in the chapter as well.

4.2 FUNDAMENTALS OF OTA-C FILTERS

As shown in Figure 4.1(d), an ideal OTA-C integrator has the following transfer
function:

Vou m
H(s) = 37 = g—c (4.1)

where s = jw. Equation 4.1 implies that the ideal properties of an integrator in-

clude {109]:

1. the output signal lags the input signal by 90 degree;
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2. the integrator has an infinite DC gain;
3. the unity-gain frequency wy equals to g,/ (2nC) Hz;

4. the integrator is a linear building block.

Figure 4.2: Non-ideal OTA-C integrator.

The above properties require the transconductor to be linear, noiseless as well as to
have infinite output resistance and infinite bandwidth. However, in practice, the per-
formance of the transconductor deviates significantly from these ideal properties due
to the second/higher effects of the MOSFETSs and parasitic poles of the OTA. If these
non-idealities are included, the integrator may be modeled as shown in Figure 4.2.
Cin and Coy: denote the input and output parasitic capacitors of the transconductor,
respectively. The transconductance g,, of the OTA is modeled to have one parasitic
dominant pole located at w;. The finite output resistance of the OTA is assumed to
be 1/g,. In this case, the transfer function of the non-ideal integrator becomes:
H= Ao
(1+5/p1) (1+ s/p2)

(4.2)

where,
Ag = finite DC gain, g /4o,
p1 = first dominant pole, go/(c + Cous),

p2 = second dominant pole, w;.
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Figure 4.3: Frequency responses of ideal and nonideal OTA-C integrator.
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The frequency responses of the ideal and nonideal integrators are shown in Figure 4.3.
Due to the finite DC gain and parasitic pole, the phase of the non-ideal integrator
deviates from the ideal case (—90°) by a value of A¢, which is defined as phase
error. Normally, p, is located at higher frequency than the unity-gain frequency wy,
as shown in Figure 4.3. In this case, the unity-gain frequency is mainly determined
by the DC gain and the location of the first pole, specifically, wg = Agp;. Under this
assumption, A¢(w) is related to the non-idealities as

A¢ ~ tan~! — — tan~1 (ﬂ> . (4.3)

Ap )

Equation 4.3 implies that finite gain produces phase lead (as shown in the first term)
while non-dominant pole results in phase lag (as shown in the second term). For
example, if the transconductor is designed such that pe is ten times of wg, the non-
dominant pole approximately results in 0.1° phase lag; if the transconductor has 80 dB
DC gain, the phase lead due to this finite gain is 0.057°.
Quality factor is another term commonly referred as a criterion of integrator per-
formance. The transfer function of the integrator shown in Equation 4.2 can be

alternatively written in the following form

1
= 4.4
H(w) = Retw) + simw) (4.4
where
Re(w) = real part of the denominator of H(w),
I'm(w) = imaginary part of the denominator of H(w).
The quality factor [133] is defined as
1 Re(w)
— = (4.5)
Qw)  Im(w)
By assuming ps > wyp, the quality factor of the integrator becomes:
1 ppow
— = 4.6)
0w) ™ w (
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If w = /p1p2, the phase lead and phase lag completely cancel out. In this case, phase
error equals to zero and quality factor reaches infinity. It is noted that A¢ and 1/Q
are approximately equivalent at unity-gain frequency when Ay > 1 and p; > wy.

If the filter has more than one non-dominant pole and all these non-dominant poles are
located at higher frequencies than the unity-gain frequency, a more general expression

of the quality factor at unity-gain frequency turns out to be:

1 1 — |
— R — — W — 4.7
Q(wo) Ao ’ ; Di 47
From Equation 4.7, it is concluded that larger DC gain enhances Q(wy). Also, the

quality factor increases if the non-dominant poles move from high frequencies towards

unity-gain frequency. To illustrate the effects of the non-idealities on the filter per-

Figure 4.4: OTA-C biquadratic bandpass filter.

formance, a second-order OTA-C biquadratic bandpass filter is constructed as shown

in Figure 4.4. The transfer function of this bandpass filter is given by:

H(s) = 1 4.8
(s) s+ 89(';'.'—14 + 9—9—-'5fo’;'3 (48)

where

— , [ 4m20m3
Wo =~ C1Cs
pu— _Ql ,2m22m3
Q 02 Ima
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By choosing gma = gms = 1 mS, gm1 = gmea = 40 uS and C) = C; = 1 pF, the
magnitude response of the bandpass filter is shown in Figure 4.5. The solid curve
represents the ideal case. The dashed curve corresponds to the non-ideal case when
the integrators have finite DC gain of 30 dB. Its selectivity is less than the ideal case.
On the contrary, if the OTAs have non-dominant pole which is located at 10% times
higher frequency than the unity-gain frequency, the filter shows higher quality factor
at wp than the ideal one. In the extreme case, the filter may become unstable if the
phase lag is not reduced. If both DC gain (Ay = 30 dB, which is equivalent to 0.057°
phase lead) and non-dominate pole (ps/wy = 1000, which corresponds to 0.057° phase
lag) are considered, the phase error at the integrator unity-gain frequency evens out.

In this case, the frequency response of the filter (represented by “+7) is close to the

ideal case.

.—2.

Magnitude (dB)
|
£

_.5 -
-6t — Ideal
=~ Phase lead
-7t - Phaselag
+ Phase lead & lag
_8 L
"0.95 1.00 1.0
o)/(oo

Figure 4.5: Non-ideal effects on the filter performance.
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4.3 THE EXISTING OTA LINEARIZATION TECHNIQUES

As the most important and powerful building blocks, OTAs can be used to construct
all types of active filter designs. The key components in OTA are the MOSFETs
which convert the input voltages to currents that charge/discharge the load capac-
itors. For simplicity, we call these key components as g elements. An ideal OTA
is equivalent to a voltage-controlled current source (VCCS) with constant transcon-
ductance. Hence, the g elements are desired to provide constant transconductance
within the expected input signal range and signal bandwidth. Based on the fact
that whether g elements are biased in saturation region or linear region, the OTAs
can be classified into two major categories: saturation-based transconductors and

triode-based transconductors, respectively.

4.3.1 Saturation-Based Transconductors

Vi oV,

bias

Figure 4.6: Conventional simple differential OTA.

Due to the square law characteristics of the saturated MOSFETSs, conventional
simple square-law OTA (shown in Figure 4.6) has good linearity only within rather

limited input range. Assume the MOSFETs have ideal square law behavior and the
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differential input voltages are V; = Vi, +1/2v;4 and Vo = V. —1/2v,4, respectively. Vi,
denotes the DC common-mode (COM) voltage, while v refers to the AC differential
input voltage. V — I characteristic of the simple OTA is given by:

2
Io = Il - -[2 = IBIbfiasvid 1- f[i (49)
bias

From Equation 4.9, the 2™¢ and 3" order harmonic distortion components (H D and

H Ds) are derived as

1 v2
HDy= —— Y
32 (Vgs — Vi)

The even harmonics are cancelled since the two MOSFET's are in balanced structure.

(4.11)

HD3 dominates THD and its value is determined by the magnitude of the differen-
tial input signal, power supply value and threshold voltage of the MOSFET device.
Taking 0.18 pum technology for example, typically, Vi, = 0.45 V and Vpp = 1.8 V.
In order to maximize the DC gain as well as the dynamic range of the OTA, Vg is
normally chosen to be close to half of the power supply. Here, Vi is chosen as 1 V.
By leaving 0.2 V headroom for the bias current source and defining v;g = 0.3 V, HD;
equals to —32 dB, which does not meet the linearity requirements of most of the
applications. In recent years, researchers have given considerable efforts in designing
low distortion OTAs. The state-of-art OTA linearization techniques are summarized

below.

1. Cross-couple technique [134-137]
Compared with simple differential OTA, cross-couple topology ideally cancels
out the third order harmonic component by adding an extra pair of g elements.
The transistor aspect ratios and bias currents should be chosen based on the

following design rule:

IR
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Figure 4.7: Cross-coupled differential OTA.

If first-order equation is considered, the transconductance of this OTA is

g= \/ﬁllbiasl - \/,62Ibias2 (413)
Typically, this topology has rather small transconductance and tuning range.

2. Grounded common-source technique [138,139]

Grounded common-source technique removes the tail current from the differen-

I I

1 2

V, o— oV,
M M,

]

Figure 4.8: Grounded common-source differential OTA.

tial pair and grounds the source terminals. Based on the first-order MOSFET

model, the output current equals to:

Iout = ,3 (Vzc - Vth) Vid (414)
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Ideally, this configuration removes the harmonics and provides linear V-to-I
conversion. The transconductance equals to 8 (V. — V4,). Distortion of this
type of OTA is mainly induced by the mobility degradation effect. The amount
of the mobility reduction depends on the vertical electric field in the MOS-
FET channel. Higher values of Vg5 — Vi;, results in more mobility degradation.
The effective mobility is approximately expressed by Equation 2.30. As dis-
cussed in section 2.7.2, @ is inversely proportional to the gate oxide thickness
toz. For example, in 3 um technology, t,; is 50 nm and 6 is in the range of
only few hundredth of 1 V~!. However, in 0.18 um technology, t,; decreases
to around 4 nm which induces an increase of 6 to approximately 0.46 V~'.
For grounded common-source structure, balanced structure cancels the even
harmonics. Therefore, the third order harmonic component dominates the dis-

tortion.
_ —6

32V5 (1 + 16Vo) (1 + 6V
where V; is the DC operating point and defined as

HD; )2v§d (4.15)

% = Vic — V:‘,h (416)

With the decrease of V; and increase of 6, it is expected that the linearity
of grounded common-source structure degrades with the scaling trend. The
grounded common-source technique has very poor COM rejection ability since
source is grounded. Also, although the transconductance of this OTA can be
tuned by adjusting Vi, the transconductance variation range is limited due to
the moderate gate-source voltage in submicron technology. In addition, one
should be aware that the linearity and the maximum signal swing level will

change as Vj, is adjusted [92].

3. Source-degeneration technique [136,140,141]

The principle of source degeneration technique is to extend the linearity by the
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(a) Source degeneration using resistors (b) Source degeneration using MOSFETs

Figure 4.9: Degenerated differential OTA.

negative feedback loop that is present within a source degenerated MOSFET.
Figure 4.9(a) shows the degenerated differential OTA topology. The differen-
tial pair is degenerated by resistors connected at the source terminals. When
differential signal v is applied to the inputs of simple OTA (Figure 4.6), the
source voltages of M; & M, do not change. Hence, Vgg of My & M, vary by
v;4/2. However, due to the degenerated resistors, the source voltage of M2
in Figure 4.9(a) changes with Vg2 in the same direction. Thus, V,, of each g
elements experiences less variation than v;y/2. The effective transconductance

drops to

N

9= 29m (4.17)

where

gm = transconductance of M; or My,

K=1+g.,R.

Smaller transconductance benefits the degenerated differential OTA with higher
linearity. HDj3 of this type of OTA is given by
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HD, = (l)z l____"iﬁt__j (4.18)
K] 32(Vgs — Vin)

Compared with Equation 4.11, the source-degenerated OTA exhibits smaller
HDs by (1/K)? times, where K is greater than 1. If R is chosen to be equal to
1/gm, the source-degeneration topology has approximately 12 dB less distortion
than the simple OTA does.

In order to avoid using passive resistors which occupy large chip area, triode
MOSFETs are sometimes used to replace the passive ones, as shown in Fig-
ure 4.9(b). Assume M; & M, and M3 & M, are perfect matched. The output

current of this transconductor is
where

. _V Zﬁllbias ,81 ’Uizd
Lout = —k—’U,d 1 rbm—k— (419)
k=1+0/40s.

As long as both M3 and M4 operate in triode region, this type of OTA is
equivalent to a conventional differential OTA with its g elements biased at
(1/k) (Vas — Vin).

. Adaptive biasing technique [138]
As the name implies, adaptive biasing technique changes the bias current of the
differential pair adaptively with the input voltages to cancel out the nonlinear
term of the output current. Specifically, if Ipi,, is chosen to be

2

Tbias = Io + Z"d, (4.20)

the output current becomes a linear function of v;34 based on the first-order

relationship:

tout = v/ Blovid (4.21)
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Figure 4.10: Adaptive biasing differential OTA.

where

Iy = constant bias current.

The implementation of this principle is shown in Figure 4.10. There are few
drawbacks associated with this circuit. First, the condition described by Equa-
tion 4.20 can only be satisfied for pure differential input signals (i.e., V] =
Vie + 1/2v;4 and V3 = V. — 1/2v,4), which limits the applications of this tech-
nique. Second, the adaptive biasing approach is limited in its frequency response
due to the extra CM pairs (M5 & Mg, My & Mj) used for implementing adap-
tive biasing. Third, although transconductance can be tuned by varying Vi,
it is not practical for optimum linearity design due to the mobility degradation

phenomenon (occurred during the tuning).

Other than using the above linearization techniques individually, some OTA con-
figurations combine two techniques together to further improve the linearity perfor-
mance [136,142]. It should be noted that the above linearity techniques rely on

fully balanced topology to obtain better linear v;y — to — I,,; conversion. In fact,
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each output current (I; or Ip) still suffers from significant second-order harmonics
resulted from the saturation operations of MOSFETSs. If there is any mismatch due
to process parameter tolerances and temperature gradients, second-order harmonics
will occur at the output current. As opposed to the grounded common-source OTA
whose transconductance is tuned by V;., we should note that the transconductances
of simple OTA, cross-couple OTA as well as source-degeneration OTA are tunable by
changing I;,,. Normally, the transconductance tuning range is limited by the fac-
tors including bias current, transconductance, linearity and input signal swing [143].
As power supply levels are reduced, the transconductance adjustment range of these

circuits is severely limited.

4.3.2 Triode-Based Transconductors

Figure 4.11: Triode-based differential OTA.

‘Triode-based transconductors [144-150] utilize the inherent linear V — I properties
of triode MOSFETs when Vpg is kept constant. The fully balanced version is shown
in Figure 4.11. Assume first-order model description of triode operation MOSFET as

shown in Equation 4.22.
1
Ip=p (VGS ~ Vin — '2"VDS) Vps (4.22)

If the two matched MOSFETs M; and M, have equal drain-source voltages, the

output current of the differential pair equals

Iout = Il - 12 = ﬂVDS'Uid (4.23)
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Equation 4.23 implies transconductance can be linearly tuned by adjusting Vpg. The

Figure 4.12: Pseudo differential OTA.

implementation of fully-balanced triode-based OTA is shown in Figure 4.12. M; and
M, are triode-based g elements. Mj; and M, are cascode MOSFETs that operate
in saturation region. The negative feedback loop consisting of regulate amplifier A
and cascode MOSFETs M; and M, realizes the transconductance tuning as well as
boosts the output impedance. Since the sources of the triode MOSFETs M, and M,
are grounded, this type of OTA is also called as pseudo differential OTA, as opposed
to conventional differential OTA that has tail current.

The dominant harmonic distortion H D3 of this structure originates largely from mo-
bility degradation effect. After taking first-order mobility degradation model into

consideration, H D3 is expressed as

HDs = — 6 21)2 (4.24)
ST \1+6V,) ¢ '

where Vj is defined in Equation 4.16.

Since oxide thickness as well as power supply decrease with the physical scaling of
the MOSFETSs, the linearity of this circuit severely degrades in short-channel de-
vices. Furthermore, for low-voltage applications, triode MOSFETSs directly introduce

a design trade-off: if larger input signal swing is desired, the tuning interval drops
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in order to holds the g elements in triode region, and vice versa. Another design
challenge is inherent in the pseudo differential transconductor structures. Assume
Vint = Vie +1/2v;4 and Vi, = Vi, — 1/2v;4, the output currents I,y and I, are

given as
1
Toutr = Tpias — B (Vic —1/2vig — Vin — EVDS) Vbs
1
Ioui— = Iyias — B (Vic +1/2vg — Vi — §VDS) Vbs (4.25)

Equation 4.25 implies the pseudo-differential structure inherently has the same transcon-
ductance for both differential and COM signals. Lacking intrinsic input COM rejec-
tion, the pseudo-differential OTA demands an effective approach to control COM
components. Although a conventional common-mode feedback (CMFB) block can
be used to suppress the COM component, the requirement of prohibitive high loop
gain and power consumption makes this method less feasible. Carefully observing
Figure 4.12 reveals the following solution: if the bias current Iy, is not constant,
but adaptively varied with the COM components V., it is possible to remove the
COM components from the output currents. Common-mode feedforward (CMFF)
technique [151,152] implements this principle by using extra feed-forward g elements.
The pseudo-differential OTA with CMFF is shown in Figure 4.13(a). Simple CM
pairs My & My, and Mg & My are shown in the figure only for simplicity. In prac-
tical implementation, however, these simple CMs are replaced by cascode CMs to
guarantee high output impedance. In order to expedite the understanding of this
circuit, the small-signal signal flow graph is shown in Figure 4.13(b). gy, refers to the

transconductance of M; and M,.

gm = BVps (4.26)

By choosing the aspect ratios of M7 & M; half of the dimensions of My & My, Ipias

is a function of the COM component only. After mirroring ly;,s to the outputs and
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tune

(b) Signal flow of CMFF

Figure 4.13: Pseudo differential OTA with CMFF.
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subtracting it from I; and I, the output currents are now expressed by

Tout+ = gmVia/2 (4.27)
Tt = —gmVsiq/2 (4.28)

Ideally, the CMFF structure eliminates V;. completely.

Compared with the single-ended OTA, transconductor with fully differential outputs
provides twice the output swing, which results in a higher signal-to-noise ratio. This
advantage makes the fully differential topology very popular in modern low-voltage
applications. However, unlike the feedback loop of single-ended OTA that provides
both differential-mode (DM) and COM stabilization, the feedback loop of fully dif-
ferential OTA does not stabilize the COM output voltage level. Neither will this
output COM voltage be detected by the next stage if the next stage has infinite input
impedance. Due to the high outpﬁt impedance nature, any mismatches from cur-
rent sources will push the output voltage levels to one of the power supplies. Hence,
additional CMFB circuit is necessary to stabilize the COM output voltages of fully
differential topologies.

Yang and Enz [150] use the same topology for both CMFF and CMFB, and combines
them to suppress COM input signal and COM output signal. The original paper uses
BiCMOS technology. Since this thesis focuses on CMOS technology, the equivalent
CMOS implementation is shown in Figure 4.14. Figure 4.14(b) illustrates the circuit
signal flow diagram. In Figure 4.14(b), g,, is the transconductance of the g elements

M; and M,. Icyys is the output COM reference current that is defined as

1
Icy = g (VCMO — Vin — EVDS) Vbs (4.29)

where Vopo is the output COM reference voltage. The bias currents Iy, contains

two elements: Icppp and Ioprp.

1
Iyiss = Icmrr + Icmre = 3 <Vic - Vin — §VDS> Vs + BVps (Voe — Vomo) (4.30)
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(b) Signal flow of pseudo-differential OTA with CMFF and CMFB

Figure 4.14: Pseudo differential OTA with CMFF and CMFB.
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where V,. is the COM output voltage. The operating principle of this circuit is
explained as follows: First, COM input/output voltages are converted to current
signals Icyrr and Icayrpp. Then, these current signals are mirrored to the OTA
core and used to cancel the COM components from I; and I,. It is easily seen that
the COM rejection performance of this structure relies heavily on the high resolution
CMs and good matching MOSFETs. Also, this OTA consumes high power since both
CMFF and CMFB adopt the same topology as the OTA core.

Without using CMFF block, De Lima [149] proposed an adaptive bias CMFB scheme
which alone is used to stabilize both input and output COM components, as shown in
Figure 4.15. The CMFB mechanism sets the COM output voltage to be Voao. The
bias of the CMFB is generated from a half-circuit OTA. During transconductance
tuning, the bias of the CMFB changes accordingly. This bias current is transferred
to the OTA core via CMFB block and CMs. If the CMs are perfectly matched, the
COM input signal is completely subtracted from I, & I, regardless of the value of
Viune. Ideally, the tuning mechanism does not affect the CMRR performance and the
OTA dynamic range. If CMRR is defined for single-ended signals, it can be derived

as
CMRR = Apum/Acu , (4.31)
- S/
= (omrec/?) | 14?'2:;
~ AcmLr/2 (4.32)
where

Tout = the output impedance of the OTA,
Acmi = the COM loop gain Agrou = 2BgmsTous-
Hence,

CMRR = BgmsTout (4.33)
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dtibiasVIB

(b) Topology of pseudo-differential OTA with adaptive bias CMFB

Figure 4.15: Pseudo-differential OTA with adaptive bias CMFB.
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Equation 4.32 shows OTA with adaptive bias CMFB technique relies on large COM
loop gain to impede the propagation of COM signals. Among different CMFB topolo-
gies, the current-steering COM detector (shown in Figure 4.15(b)) seems to be the
only candidate that can meet this requirement. However, this configuration consists
of tail currents and differential pairs which seriously limits the output signal swing of
the OTA in low voltage applications. Furthermore, current mirrors in the adaptive
bias CMFB block introduce extra poles that deteriorate the frequency response of the
CMRR.

In this chapter, a novel triode transconductor/OTA with BD technique is introduced.
Compared with the conventional triode-based transconductors, the proposed design
achieves enhanced linearity and easies the trade-off between the input range and tun-
ing range. Also, a new CMFB technique is employed that successfully stabilizes the
COM output voltage upon transconductance tuning. This technique does not induce
high power consumption nor limits the output signal swing. Detailed analysis and de-
sign issues are addressed in this chapter. Finally, a 3'¢ order elliptic filter is designed

as an application example of the proposed OTA.

4.4 PRINCIPLE OF THE PROPOSED OTA AND DESIGN CONSID-
ERATIONS

4.4.1 The Proposed OTA Core

The transconductor core consists of MOSFETs M; - M, and regulate amplifiers A.
The MOSFETs M, - M, are g elements that operate in triode region. Body-driven
technique is used in this OTA to provide lower distortion than conventional coun-
terparts. P-MOSFETSs are chosen to be BD transistors in this design since N-well
CMOS process is considered. The bodies of other p-MOSFETSs are tied to their

own sources. The transconductance tuning is possible by controlling the source-drain
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out+

Figure 4.16: Diagram of the proposed differential transconductor core.

voltages (Vsp) of My - M,. This is done through the feedback loop formed by reg-
ulate amplifier A and cascode MOSFETs M3/M;. Ideally, Vsp is ensured to be
V) — Viune- Besides offering tuning, the local feedback boosts the output resistance,
hence enhances the DC gain.

Recalling the first-order equation describing the behavior of the triode p-MOSFETs

, we have

Ip = 8 (Vse — [Vino| = 7V/2165] — Vsr + 1V 215 — <Vsp ) Vsp (4.34)
2

If input voltages are fully-differential signals, the source-body voltages of M; and
M; equal Vi, — (Vie = vin/2), respectively. Based on the fact that v;,/2 < 2|¢p| —
Vpp + Vie, Taylor series expansion of Equation 4.34 is performed to get the simplified
expression of Ip:

Vin «

Ip=p (VB + K? - "2'VSD) Vsp (4.35)

where Vj refers to the saturation voltage that is expressed as

Vo = Vsg — |Vinol — 7V 2lér| — Vspo +7v/2|ér| (4.36)
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Vspo denotes the source-body voltages of MOSFETs M, and M, at the DC operating

point and Vspy = Vjp — Vi.. K is defined as

K =/ (2v/21é¢] — Vsmo) (4:37)

If I;. equals to 3 (Vo — %VSD) Vsp, the output currents are given as
Iout:i: = 11,2 - Iic = :t,BKVSD’U,;n/2. (438)

As shown in Equation 4.38, the output currents are in linear relationship with v;,

and the transconductance of the OTA is
9=PBKVsp (4.39)

Assume the DC gain of the regulate amplifier equals to A, then, the impedance seen

into the drain of Mj is approximately expressed as

Tup = Ang/gdslgds3 (440)

Compared with that of the traditional cascode structure, the impedance of the regu-

lated cascode structure is boosted by A times.

4.4.2 Nonlinearity Analysis

As we discussed before, THD of a triode-based transconductor is dominated by the
mobility degradation effect. By adopting the mobility model as shown in Equa-
tion 2.30, the carrier mobilities for BD MOSFETs M; and M, can be approximated

as

Ko
=~ 4.41
H12 = T30 (Vo £ Kvim/2) (441)

By applying Taylor series expansion on Equation 4.34 and Equation 4.41, the

third order harmonic distortion of the output current is derived as

1 62 2
HDy = ———  (Kuvy, 4.42
3 16(1+9V0)2( Vin) (4.42)
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In contrast to the HD3 (shown in Equation 4.24) of the traditional triode-based
transconductor, the proposed triode-based OTA using BD MOSFETSs provides im-

proved linearity owing to two reasons:

e the scaling factor K is less than one,

e Vp in Equation 4.42 can be easily set to a higher value than that of gate-driven
counterpart. Equation 4.36 reveals V¢ has much larger influence on V; than
Vspo does. For the proposed BD transconductor, maximizing V; can be readily

achieved by connecting the gates of M; and M, to ground or the negative power

supply.

4.4.3 Input and Tuning Range

In this section, the input range and tuning range of the proposed OTA and the
conventional triode-based OTA are compared. The differential input range of the
proposed BD OTA is determined by the source-body diode turn on voltage (typically
0.6 V) and is not affected by the DC operating point. Maximum Vg for M; and M,
is suggested to be below 0.4 V to avoid large leakage current. For the conventional
triode-based OTA, the input range is limited by tuning interval and vice versa. For
an input of V;. + v;,/2, the tuning range of the conventional triode-based OTA is
given as

0 < Vsp < Vspmaz,g (4.43)

where Vspmazg = Vop — Vie — 1/20in, — |Vin|. Equation 4.43 shows that larger in-
put swing leads to smaller tuning range for conventional triode-based OTA. From

Equation 4.36, the tuning range of the proposed OTA is written as
0< Vgp < Vsp,m,b (4.44)

where

Vsp,mazb = Vpp—Va— (thhol + 7\/2|¢F| ~ (Vhp = Vie — Vanige — 3vin) — 2|¢F|)-
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Since Vsp is in weaker relationship with v;, as compared to the case of the conventional
triode-based OTA, the tuning range of the proposed OTA is less affected by the input
range. By using the typical values of |Vio| = 048 V, |¢p| = 0.44 V, v = 0.65,
Vop =18V, Vpp =16V, Vyise = 0.6 V, Vie = 0.8 V, Vg = 0.7 V, Vip mag for both
OTAs is plotted as a function of the input peak-to-peak value Upp in Figure 4.17. It
shows Vsp mazg declines much faster than Vsp mazp as Upp increases. For example,

when vy, varies from 0.1 V to 0.8 V, VD, maz,g decreases 35% of its original value
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Figure 4.17: Tuning range vs. input range of conv. and proposed triode-based OTAs.

while Vsp maz,p decreases 13% only. Hence, although the input range and tuning range
exhibit strong trade-off for the conventional OTA, this compromise is not apparent
in the proposed topology. This property enables the proposed structure to achieve

both high input range and high tuning range at the same time.

4.4.4 Frequency Analysis

Although the gain boosting (or gain enhanced) technique was originally reported in
[153], not much attention was given to this approach until op amp design aiming
both high DC gain and high unity-gain frequency became a difficult task in modern
submicron process. After Bult [95] first applied gain boosting method in op amp
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design, a lot of research on designing gain-enhanced transconductance amplifiers was
carried out. However, as discussed intuitively in [95], gain-enhanced cell is known
for its potential slow-settling component that is associated with the inband pole-zero
doublet. Thus, frequency analysis of gain-enhanced circuits becomes very important
in characterizing and optimizing the circuit. In order to overcome the limitation
of intuitive analysis [95], symbolic analysis [105] was reported used to describe the
pole-zero behavior of gain-boosted folded-cascode transconductor. In this section, an
alternative frequency analysis method on gain enhanced structure is provided. Com-
pared with other methods, the proposed one proves to be simple and straightforward.
As the frequency performance of the transconductor is determined by its second pole,
our design goal is to push the non-dominant poles to higher frequency.

For simplicity but without losing generality, half-circuit of the differential transcon-
ductor core is considered. The active load (I;;) of the transconductor is assumed to
be ideal. Then, the small signal diagram of the proposed transconductor is shéwn
in Figure 4.18. The load capacitor is denoted as Cigad. Cysi, Cyai and Capy are gate-
source, gate-drain, and drain-body capacitances of M; (¢ = 1,3), respectively. The
regulate amplifier is modeled as one-pole system with C;, and C,,; as its input and
output capacitors, g4 and goy as its transconductance and output conductance. By
neglecting the loading effects, the transfer function of the regulate amplifier is given
by

Vaou _ Va 1

Vam Vi D01+3/pA

(4.45)

where

Apc = gma/Gout,

Pa = out/Cout,

Vaout = output-node voltage of the regulate amplifier,
Vin = input-node voltage of the regulate amplifier.

However, if the load effects are considered, the effective pole moves to lower frequency
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(b) Small signal diagram of the half-circuit

Figure 4.18: Small-signal half-circuit of the proposed differential transconductor.
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and an additional zero appears as well. The is due to the extra loads from Cy3 and
Cgaz as well as the feedforward path created by Cg.3. Since the regulate amplifier
is typically not compensated in gain-enhanced structure, neglecting the load effect
will cause large frequency analysis error. Thus, the practice of modeling the regulate
amplifier directly by Equation 4.45 [154, 155} should be avoided.

In Figure 4.18, C) refers to the parasitic capacitance that is associated with node (T)
and is expressed as C) = Cyq; + Ci,,. After fundamental analysis and simplifications,
the transconductor is modeled as a 3-pole, 3-zero system and its transfer function is

approximately expressed as

Vau.t(S) _ N3S3 + N282 + NIS + N()
‘/,n(S) - D333 + D2$2 + D1$ + DO

(4.46)

where

Dy = gas19ds3gouts

Dy = gm3gmaCloads

D; = Cload [(Cgaz + Cout) (st + gm3) + Cys3 (gas1 + gma)),

D3 = Cioad [Cap1Cys3 + C1 (Cyaz + Cosz + Cout)]

No = gmagmagmn,

N1 = —gm3gmaCap1,

Ny = —Cip1 [Coutgma + Cyas (9m3 — gma)),

N3 = —C1C4a3Cyss-

Apparently, dominant pole is determined by the load capacitor and the transconduc-

tor’s output impedance.
P~ ——D()/.Dl = —l/Tuprad (447)

If the transconductor is designed such that the dominant pole is much smaller than

the non-dominant poles ps 3, we have

P23 ~ —Dy/2Ds - (1 + ,/A/Dg) (4.48)
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where A = D2 — 4D, D;.

When A > 0, two real non-dominant poles exist. However, the lower frequency pole
represents a slow moving component and degrades the integrator’s phase error. In
order to achieve better phase error performance, transconductor having conjugate
non-dominant poles (i.e., A < 0) is preferable. Further analysis shows that A is
a function of ggs1, gms and gna. However, g451 and g3, whose values are related
to device dimensions and bias conditions, are normally pre-defined by the design
specifications, such as the transconductance of the transconductor. Therefore, the
only simple and effective way to realize A < 0 is to adjust g,4 by changing the bias
current of the regulate amplifier. The influence of g4 on A can be better understood

by taking the partial derivative of A.
6A/agm,; 7 ~4Clcgs3gm3 <0 (4.49)

Equation 4.49 implies that increasing ¢.,4 helps to change the pole locations from
real to conjugate. Equation 4.48 also reveals that when the transconductor has two
conjugate non-dominant poles, increasing g, 4 will further push these two poles to
higher frequency, which is desirable for less phase error. However, it should be noted
that a good trade-off between the integrator phase error and power consumption is
necessary for an optimized design.

The dominant zero is associated with the feedforward path created by Cg; and locates

at

21 = gmb1/Cant (4.50)

4.4.5 Common-Mode Feedforward Design

The OTA core shown in Figure 4.16 does not suppress COM signal. Inherently, it
has the same transconductance and gain for both COM signal and DM signal. In

this design, a CMFF block, whose configuration is similar to the half-circuit of OTA
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CMFF =

Figure 4.19: Proposed OTA core with CMFF.
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core, is used to adjust the bias of the OTA core and cancel the COM signal at the
outputs, as shown in Figure 4.19. M;3; and M;4 have half of the dimensions of M;
and M,. By applying differential input signals to CMFF circuit, Vj. is sensed that
induces I;.. Then, I;. is cancelled at the outputs. My & Mg, My, & My, Mig & Mg,
Moy & M3; consist of level shifters. They are used to bring the output COM voltage
Vemo and input COM voltage V. to the same level, which is necessary for OTA-C
filter designs where the outputs of one transconductor are normally the inputs of the

next transconductor stage.

4.4.6 Common-Mode Feedback Design

T Voo
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Figure 4.20: Schematic of the triode-based CMFB.

Although CMFF can be employed to cancel out the COM input signal of the
proposed transconductor, additional CMFB is mandatory to stabilize the DC out-
put voltage level in fully-differential operation. In order to maximize the signal-to-

noise ratio for low voltage applications, it is essential to design a CMFB circuit such
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that it will not reduce the output signal swing of the main circuit. To achieve this
goal, CMFB topology employing triode-based transconductor is used (shown in Fig-
ure 4.20). My and Mps sense the COM output voltage. Any variation of the COM
output voltage affects V. Then, MOSFET My;, which is degenerated by Msy & Moy
and loaded by diode-connected MOSFET Mg, amplifies the variation of Vz and pro-
vides the correcting voltage Vopre. Vourp is applied to the gates of M; and Mo,
through which Voprp is converted to current and then adjusts the COM output
voltage to its reference value. The complete schematic of the proposed differential
transconductor is shown in Figure 4.21.

The effectiveness of the CMFB structure can be better understood by the signal-flow

Figure 4.21: Schematic of the proposed differential transconductor.

diagram shown in Figure 4.22. Since the COM signal appears symmetrically at the
fully-balanced outputs, considering single-ended topology is sufficient for the analysis.

In Figure 4.22, g refers to the body-transconductance of the g elements; g/ , denotes
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Figure 4.22: CMFB signal flow diagram.

the body-transconductance of the CMFF block; g,,; is the gate-transconductance of
the g elements; 7o, refers to the output impedance of the proposed transconductor.

Acumrp denotes the gain of the CMFB block and is given as

_ Gm24 Gm27/ gm0

Acurs = 9ds24 1 + gmar/(294s22) (45D

where
gmar = 21/ (Vasar — Vinar),
9m29 = 21/ (Vasas — Vinag),
Jas22 = 1/ (2Vpsa),
9as2a = I/ (2Vpsas),
gm24 = I/ [2(Vasas — Vinod)].
I denotes the bias current of Mg, Mag. Hence, Acyrp can be rewritten as

Acars = (Vas29 — [Vinaol) Vbsa4 (4.52)

(Vaszr — Vinar) + Vpsaz Vasas — Vinos
The second term of Acprp is less than one due to the triode operations of My, and
Mas. Acmrp can be increased by minimizing the saturation voltage of My;. From
Figure 4.22, the single-ended COM gain is calculated to be

_ T 9mn + g;nbl

= r 4.53
1+ Acmrpe ™ (4.53)

ACM
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where
ACML,DC = the CMFB DC loop-gain = gmlroutAC'MFB-
Knowing the single-ended DM gain Apps iS gms17out /2, we have the single-ended COM

rejection ratio as

™ A
CMRR = Apm/Acm = = bgl :_lg, ) CA/;L’DC (4.54)
mi mbl

Thanks to the CMFF topology that cancels the COM input signal under ideal match-
ing condition (i.e., gmp = g;nbl), the first term is very large and the proposed transcon-
ductor achieves very high CMRR. Hence, the requirement for large CMFB loop gain
is not necessary. This is in contrast to [149] that relies on large COM loop gain to
impede the propagation of COM signals, as shown in Equation 4.32.

It should be emphasized that, by taking advantage of the unused fourth terminal
(gate terminal) of the BD MOSFETs M; and M,, CMFB block is easily incorporated
in the proposed transconductor without adding extra devices, therefore, saving power
consumption and decreasing the chip area. This is superior to [150] which uses an
extra single-sided OTA topology to construct CMFB block that is power hungry, size

consuming and error-prone.

4.4.6.1 Frequency Analysis

In order to evaluate the frequency response of the CMFB block, the simplified small-
signal diagram is shown in Figure 4.23. In Figure 4.23, gomrp refers to the transcon-
ductance of the CMFB block; g, and C) are the equivalent conductance and parasitic
capacitance at the output node of the CMFB block, i.e., node ) in Figure 4.20. gy
refers to the output conductance of the OTA. pcy refers to the pole that is associated

with the cascode current mirror in the CMFF block. The transfer function is derived
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Figure 4.23: The small-signal model of the CMFB scheme.

as
—Gmb1 + Grpa/ (1 + 8/Perm) 1
Ve Vie = n 4.55
CMO/ * Gout + SCou,t 1 + ACML(S) ( )
where Acpr(s) is expressed as
9CMFB gmi
A 8) = 4.56
omi(s) 91 + SC1 Gout + 5Cout ( )
and
— 9m27  gm24
9CMFB = Tig 7/ (29ars2) gd:;:
g1 = 9m29,

C'1 ~ 2C’gsl + C’gs29a

Gout = l/rou.t = Gup + Gdown;
Gup = 1/Tup, Where 1, is given in Equation 4.40; gaouwn is the conductance seen into

the drain of Mj.

Gdown = (gd359d37) /gm5 (457)
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Hence, the CML loop gain Acpsr has two poles:

P1 = Gout/Couts P2 = q1/C1.

The dominant pole p; is determined by the output load of the OTA, while non-
dominant pole p, is determined by the output load of the CMFB block at node .
The closed-loop poles take the complex form, the center frequency wy and quality-

factor Q are given by

Wo = \/ 9cMFBYm1/ (Clcaut) (4.58)

Q = v/ Acmr,pcpipz/ (p1 + p2) (4.59)

Typically, wy is larger than the unity-gain bandwidth of the DM frequency response.
Except from the complex conjugate poles originated from CM feedback loop, Equa-
tion 4.55 also has a non-dominant real pole p., contributed by the CMFF block.

The transistor dimensions of the CMFB block shown in Figure 4.20 are given in

Table 4.1. Vg, = 0.7 V. Under DC operating point, Voppg = 0.7 V.

Table 4.1: MOSFET dimensions of the CMFB block

MOSFET Name | Aspect Ratio (W/L)

M22M23 M24 M25 | 0.22 pm/0.2 pm
M26,M27 0.5 pm/0.2 ym
M28,M29 0.22 pm/0.2 ym

4.4.7 Noise Analysis

The OTA schematic for noise analysis is shown in Figure 4.24. The noise voltage
PSD of each element is denoted as V,2. For example, V3 is the body-referred voltage
noise of My; V2, refers to the input-referred voltage noise of the regulate amplifier

n

A. Upon taking the assumptions of uncorrelated noise sources and perfect matching
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CMFF

Figure 4.24: The proposed OTA schematic to evaluate the noise performance.
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between matched transistor pairs, the input-referred PSD noise is given as

2 2 2
v?w,in ~2 [’UTZII + Urzuo + <_gm_g> 1)72;9 + <&) 'UZA + <M> U?ﬂ} (4.60)

gm10 'mbl Gmb1

where

9ds1/gmp1 = (Vse1 — |Vima|) /Visp,

02, ny L BKT(1+K+gus1/gm1) 1+n+n2+_1_KF(1+CFK2)
nl ~ K2 3gm1 T+n K2 FAFCZL,WiL;

V210 = $kT/gmo + KF/ (fAFC2,WioLyo),
2y = $KT/gmo + KF/ (F4FC2,WoL),
V2 = 8kT /gy + KF/ (fAFC2Wy L),

In the expressions of v2, ;4 the first and second terms represent thermal and flicker

noise components, respectively. The noise contributed from cascode MOSFETS M;—
Mg and M;5— Mg is neglected due to its small value. The noise generated from CMFF
block is cancelled by the symmetrical and matching topology. Since M; — M, operate
in triode region, gus1/gms: is larger than 1. This also holds true for 9m7/9me1. Hence,
the major noise of the proposed OTA is contributed by the regulate amplifier A and
MOSFETs M; — Mg. Thus, designing a regulate amplifier with low input-referred
noise greatly helps to decrease the overall OTA noise.

4.4.8 Regulate Amplifier Design

As we discussed before, regulate amplifier provides tuning as well as boosts the output

impedance. The DC gain of the proposed OTA is written as

Apc = gmbl/ Gout (4'61)

Since gmp is relatively smaller than 9m, & regulate amplifier with high DC gain is
desired to achieve large Apc. In submicron technologies, conventional simple one-
stage amplifier typically has DC gain of only around 30 dB, which is not sufficient for
this design. Although two-stage amplifier has the potential of providing much higher
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Figure 4.25: Schematics of regulate amplifier topologies.

DC gain, it induces serious instability issue. The required Miller compensation re-
duces the OTA bandwidth drastically as well. One-stage cascode amplifiers, however,
achieve high DC gain without sacrificing the unity-gain bandwidth. Hence, they are
good candidates to implement the regulate amplifier A. Two cascode configurations
are available: telescope cascode topology and folded-cascode topology.

In order to guarantee M3/M, to operate in saturation region, their gate-voltage V3,4

should be kept in the range of

‘/tune,maa: - VDSmin3,4 - I‘/th3,4l S %3,4 S ‘/tune,min - I‘/th3,4‘ (462)

where

Viune,maz = the maximum value of Vjy,.; typical value is 1.58 V,

Viune,min = the minimum value of Vi,,; typical value is 1.2 V,

|Vinsa| = the absolute threshold voltage of Mj/My; typical value is 0.45 V,

Vpsmin3,4 = the minimum drain-source voltage of M3/My when Viyne = Viune,maz; and
VDsminsa = Viunemaz — (Vo + Vout swing)s

Vem = 0.8 V is the common-mode output voltage, Vout,swing = 0.2 V refers to the AC



144

magnitude of the single-ended output voltage. By taking the above typical values, it
yields
055 V< V<07V (4.63)

Telescope-cascode amplifier with N-type inputs and folded-cascode amplifier with P-
type inputs are not feasible to realize the regulate amplifier. This is because their
output voltage swing ( V,u: > 3Vpgear =~ 0.6 V ) does not meet the gate-voltage
requirement of Mz/M,. With little modification, telescope-cascode amplifier with
P-type inputs and folded-cascode amplifier with N-type inputs can be used as the
regulate amplifier, which are shown in Figure 4.25. Figure 4.25(a) shows the tele-
scope topology. Since Viun. is close to the positive power supply, level-shifters are
necessary to properly bias the P-type inputs of telescope-cascode amplifier. In Fig-
ure 4.25(a), MOSFETs M9 — M43 constitute two level shifting pairs. If N-type
inputs are used to avoid extra level-shifting circuits, folded-cascode topology should
be adopted instead to meet the output voltage requirement defined by Equation 4.63.
Figure 4.25(b) illustrates the folded-cascode topology. The summation of the qui-
escent currents conducted by Ms;/Ms and M 46/Maz7 equals to I,. Normally, the
circuit is designed such that I, is equally distributed between the input stage and
output stages, i.e., I4;2 = I467 = 1/2I;. Using the first-order MOSFET I — V rela-
tionship, the DC gain of the folded-cascode topology is given by Equation 4.64. It is

obvious that larger I4; as well as smaller 147 lead to enhanced DC gain.

V208
Apc,a = \/2Balm~—r (4.64)

wrp
In order to increase the DC gain, more bias current is assigned to the input stage
than to the output stage in this design. Specifically, we choose

Tare =2/31y, Iy = 1/31, (4.65)

This method, however, slows down the large-signal settling time. For example, if a

large step signal is applied to V;,, so that all the bias current generated by M43 flows
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through M, the voltage at node (I) will drop sharply to accommodate the current.
When V;,_ is brought up slowly by the output through the negative feedback loop,
the voltage at node (I) starts increasing till it arrives at the quiescent point. The large
voltage variation encountered by node (I) slows down the speed. In order to alleviate
this problem, My, and M43 are added [92]. Under quiescent condition, these two
MOSFETs do not conduct currents since their gate-source voltages are much smaller
than the threshold voltage. However, when a large step signal is applied to the inputs,
M 413/M ;2 are activated. In this condition, they conduct extra current that helps
to meet the current requirement of the input stage and speed up the recovery time.
The total bias currents of the topologies shown in Figure 4.25(a) and Figure 4.25(b)

are given, respectively, as

Lot = 2 (Lax + Ip) (4.66)

Liot,f = 2 (Ta1 + I46) (4.67)

where

Iiot,s = the total bias current of the telescope topology,

I1ot,; = the total bias current of the folded-cascode topology,

I, = the bias current of M, /M s,

I 46 = the bias current of M4s/Ma7,

Iy; = the bias current of the level-shifter. If I, is chosen to be the same as I4¢, both
topologies consume equal power as well as achieve similar DC gain and frequency
performance.

As we discussed before, the noise of the regulate amplifier contributes largely to
the overall noise of the proposed OTA. Thus, it is important to compare the noise
properties of the two topologies and choose the one that has lower input-referred

noise. The PSD of the input-referred noise for telescope topology is derived as

2 2
ImA12 ~5—  —5— gmAs \ ——
Vping = 2 ['Urzmo + ( - ) V2ap V24 + ( = > U?ms} (4.68)

GmA10 gmAl
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where

v,zm-n,t = the PSD of the input-referred noise for telescope topology,

v24, = the PSD of the M, gate-referred noise,
v2 45 = the PSD of the Mg gate-referred noise,

Uza10 = the PSD of the M4, gate-referred noise,

V2 412 = the PSD of the M 4, gate-referred noise.

Equation 4.68 can be re-written as

— _ 16kT { 1 g JEWV/L)
n,in,t 3\/0—01: \/m (W/L)AIO

1 2,U'n(W/L)A8
* 1o (W/L) arIar [H pp (W/L) 4 }

2 KF, Law\>
tE VWA 1t (ﬁ)
CZ, | WaroL aro fAF Lo

KF, arap. KFoy (La\?
— P _ N4 p=AF, — 1 [ AL 4.69
+ WarL ay fA [ +f KF, \ Las (4.69)

The PSD of the input-referred noise for folded cascode topology is given by

2 2

5 - gmad\ —5— 9gmA10

U?;.-n/ =2 [’“rzml + ( gm,u) Viaq+ ( gm ” ) U?;Aw] (4.70)
m. m.

Hence, 42, # can be further expanded as a function of design parameters. Given the
relationships shown in Equation 4.65, we have
2. .= 16kT {1 1+ Bpp (W/L) 54 (W/L) g6
M3 \unCoaW D) alar 200 (W/L)4, ~ | 2(W/L) 5
KF, aFu-ar, KFy (Lar\’ (L,u )2
2 1 AL = — 4.71
T WL [ R A\Ta) T\ T | @Y

Comparing Equation 4.68 and Equation 4.70, it is concluded that the level-shifter

adds extra noise to the telescope configuration. Hence, the folded-cascode topology
is preferable for implementing the regulate amplifier due to its lower noise property.

Equation 4.71 reveals that the noise can be decreased by the following methods:
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o Increasing the bias current as well as the aspect ratios of M 1 lead to reduced

thermal noise;
e Increasing the lengths of M4, and My, helps to achieve lower flicker noise.

- 'The device dimensions of the folded-cascode amplifier is given in Table 4.2. Under

Table 4.2: MOSFET dimensions of the regulate amplifier

[ MOSFET Name | Aspect Ratio (W/L) |
M1,M2 3.2 yum/2 ym
M3 1.27 pm/4 ym
M4,M5 35.2 pm/2 pym
M6,M7 1.6 pm/0.2 ym
M8,M9 0.25 pm/0.2 pm
M10,M11 2.56 pm/2 pym

quiescent condition, I; equals to 24 uA. The bias currents of M a1 and M4, are 16 pA.

I46 is 8 pA. Relatively large bias currents for M4, and M4, serve two functions:

e It increases the DC gain of the OTA and decreases the phase error of the OTA-C

integrator;
e It improves the thermal noise performance.

For the proposed OTA shown in Figure 4.21, the lengths of My, My, Mys, My, My,
Mg, and M,; are chosen to be much larger than the minimal size to decrease the
flicker noise.

Finally, the device dimensions of the OTA core is given in Table 4.3.

4.5 SIMULATION RESULTS OF THE PROPOSED OTA

The proposed OTA is simulated using CMOSP18 N-well technology with 1.8 V sin-

gle power supply. In order to maximize the input and output signal swing range,



Table 4.3: MOSFET dimensions of the QTA

| MOSFET Name | Aspect Ratio (W/L) |
My, My, Mz, My 20 pm/0.8 um
Ms, My, My 20 pm/0.4 pum
Ms, Mg, M6 32 pm/2 pm
Mz, Mg, My, 8 um/1 pm
My, M1y, Myg, My 2 pm/0.6 ym
Mo, M2, My, My 2.97 pm/0.6 pm

-23.4 —0:3 —0:2 -0:1

Figure 4.26: V-I transfer characteristic of the proposed OTA.
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VI')D = 1.6 V and Vgyu is chosen to be 0.8 V. With Vopypp = 0.7 V, Viune can
be tuned in the interval of 1.2 V < Vi, < 1.58 V, within which M; and M, are
guaranteed to operate in triode-region. Figure 4.26 illustrates the transconductor
voltage-to-current DC transfer characteristics as a function of Viune: As Viupe is ad-

Justed from 1.58 V to 1.2 V, g, varies from 8 uS to 131 uS. F igure 4.27 displays
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Figure 4.27: OTA transconductance vs. Vi, for different Viune-

the OTA transconductance as a function of Vj, for different values of Viune- In order

to compare the performance of the proposed BD OTA with the conventional GD
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counterpart, the transconductance of each OTA topology is shown in Figure 4.27(a)
and Figure 4.27(b) individually. Figure 4.27(a) reveals that, for the proposed BD
OTA, high linearity is preserved within full differential input range regardless of the
value of Viyn.. Figure 4.27(b) illustrates that the linear range of the transconductance
diminishes as Vi, increases for GD OTA. This verifies the tuning and input range
trade-off as discussed in section 4.4.3.

With 5pF load capacitor, the frequency response for different V. is shown in

150
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Figure 4.28: Frequency response of the g,, — C integrator with Cjgeq = 5 pF.
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Figure 4.29: Frequency response of CMRR for the proposed OTA.

Figure 4.28. When Ve = 1.4 V, the integrator has DC gain of 57 dB, unity gain
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bandwidth of 1.2 MHz and 1.3° excess phase. When V.. = 1.5 V, the DC gain
increases to 63 dB and the phase error improves to 0.9°. In this case, unity gain
bandwidth becomes 636 K due to smaller transconductance. The frequency response
of the OTA CMRR is shown in Figure 4.29, where 1% mismatch and Viune = 1.4V are
assumed. Figure 4.29 shows 95 dB CMRR is achieved at DC condition and 37.8 dB
is obtained at unity-gain frequency. At low-frequency, CMRR is largely limited by
the mismatch. After the frequency surpasses the OTA dominant pole (as shown in
Equation 4.47, DM gain decreases which leads to the roll-off of CMRR. At higher
frequency that is above wyq (shown in Equation 4.58), CMRR magnitude drops faster.

4.6 OTA-C FILTER DESIGN

The proposed OTA can be utilized to implement OTA-C filters. This section provides
a design example of a third-order elliptic filter. The design of an integrated active
filter usually starts from a passive prototype. Here, doubly terminated lossless passive

LC ladder filter is used as prototype due to the following reasons:
o It has very low passband sensitivities to local component variations;

e It is favorable to yield optimal dynamic range [156]. The signal levels at the
internal nodes are close to each other over the passband so that no integrator
in the filter limits the maximum signal level. Thus, it is easy to make full use

of the OTA voltage swing.

Synthesized from a doubly terminated passive LC ladder, a 3 order elliptic LPF
with cutoff frequency of 1 MHz and stopband frequency of 2 MHz is designed. The
specifications require less than 1 dB passband attenuation and more than 34 dB stop-
band attenuation. The inductor is simulated by using gyrator-capacitor combination.
Figure 4.31 shows the synthesis of a floating inductor using only transconductors and

a capacitor. The relationship between the simulated inductance value and the design
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Figure 4.30: Third-order low-pass elliptic filter.

(a) Passive floating inductor (b) Gyrator implementation

Figure 4.31: Gyrator implementation of floating inductor.
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values is given by

L= % (4.72)
1452

While designing the filter, parasitic capacitors of the proposed OTA are taken into
account to improve the accuracy of the filter characteristics. These include 2 fF
input capacitance and 70 fF output capacitance. The design parameters of the filter

components are listed in Table 4.4, where

Table 4.4: Component values of the filter

Device Name Value ]
91, 93 ; ge 29
92, 94, G5, g7 g
C| [9C1 — (2Ci, + 3Cou)] /2
Cé &
C4 [9Cs — (2C;s + 2C,.,)] /2
% [9394La/g — (2C;, + 2Cou)] /2

g =48.12 uS,

C) =2.86423 x 1077 F,

C; = 3.58136 x 108 F,

C3 = 2.86423 x 10" F,

L, =1.38253 x 1077 H,

Cin = input capacitance of the proposed OTA, 2 fF,

Cout = output capacitance of the proposed OTA, 70 fF.

Figure 4.32 illustrates the frequency response of the filter. The performance of the

filter is summarized in Table 4.5.

4.7 CONCLUSION

In this chapter, a BD triode-based OTA for low voltage applications is introduced. By
utilizing BD technique to introduce an extra term K (which is less than 1) to the OTA
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Figure 4.32: Frequency response of the 3" order elliptic LPF.

Table 4.5: Characteristics of 3™ order elliptic LPF.

Cutoff frequency 1 MHz
Tuning range 182 KHz —- 1.2 MHz
Vem variation over tuning 3 mV
Maximum signal swing 0.8 Vip
THD —46 dBQ800 mV,,
Dynamic range 45 dB
Power dissipation 4 mW
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transconductance expression, the proposed OTA achieves higher linearity as well as
wider input range and tuning range than the conventional GD triode-based OTAs.
The CMFB signal is fed into the gate terminals of the BD MOSFETSs to adjust the
COM output signal to its correct value. This structure simplifies the overall circuit
design and saves power. The 3" order elliptic LPF implemented by the proposed

OTA features high linearity, wide signal swing and tuning range.



Chapter 5

CONCLUSION AND FUTURE WORK

Lower power supply and physical size reduction put great challenge to analog circuit
and system design in CMOS technology. Different techniques have been proposed
to compensate the performance loss of the analog circuits. Although BD technique
is believed to be a promising methodology for low-voltage applications, the research
development in this area is far from satisfying. Lack of both modeling analysis and
practical BD circuits is the main factors that hinder the research progress in this area.
The objective of this thesis is to provide systematic and thorough discussion on BD
technique with emphasis on the BD MOSFET modeling and practical design of BD
building blocks for low-voltage signal processing applications. In this chapter, the
summary of the thesis is provided; the original contributions covered in this thesis

are summarized and some recommendations for further research are discussed.

5.1 SUMMARY

e Chapter 1
In Chapter 1, the scaling effects on the performance of the analog circuits are
briefly discussed. An overview of alternative state-of-art CMOS design strate-
gies adapted for low-voltage applications is presented. Emphasis is given to

their operating principles, advantages and design/technology limitations.

e Chapter 2
Given the fact that no systematic analysis is available on BD MOSFET model,
Chapter 2 intends to fill this gap by: (1) evaluating the accuracy of the industrial-
standard model BSIM3V3 in predicting the electrical characteristics of BD

156
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MOSFETs; (2) proposing solutions and modified BD MOSFET model to im-
prove the accuracy; (3) discussing the scaling effects on the future performance
of the BD MOSFETs.

It is concluded that standard BSIM3V3 (from Berkeley) model produces two
types of errors in simulating BD MOSFETs: (1) the error induced by the ac-
tual implementations of BSIM3V3 model in simulators. In general, body-source
diode is slightly forward-biased in BD circuits. In order to improve arithmetic
convergence and numerical stability in such condition, linearization is adopted
in modeling the threshold-voltage, body junction diode capacitances as well as
the body junction current. Unlike the standard BSIM3V3 implementation that
uses linearization as long as the body-source diode is forward biased, SPEC-
TRE BSIM3V3 provides users extra freedom to choose the linearization refer-
ence point. Thus, it is suggested to use SPECTRE simulator to achieve better
accuracy in simulating body junction capacitance. Good junction current accu-
racy can be achieved by setting IJTH properly. (2) well resistance network and
well-substrate junction diode are not included in BSIM3V3 model. It is shown
that including the well resistance network is necessary for RF applications or
for low-noise applications. In this chapter, an improved BD MOSFET model
is presented which includes the above parasitic elements. By adopting subcir-
cuit approach, this model is compatible with conventional simulators and can
be easily incorporated in BSIM3V3. Finally, the scaling effects on the future
performance of BD MOSFET have been investigated and compared with GD
MOSFET. The current driving capability, small signal transconductance, out-
put conductance as well as input-referred noise are investigated.

After the model discussion, Chapter 3 and Chapter 4 focus on developing low-
voltage analog building blocks by using BD technique.

o Chapter 3
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Conventional BD current mirrors suffer from severe nonlinearity and limited dy-
namic range. These problems make them unfeasible for practical high-precision
applications. Firstly, Chapter 3 presents the design techniques to improve their
performance. Secondly, a novel high-performance 1/1.5 V regulated CMOS BD
current mirror is proposed. The proposed current mirror features much higher
accuracy and wider signal operating range than the traditional BD current
mirrors. Results show the proposed current mirror has the overall good per-
formance in terms of higher driving ability, wider input/output voltage swing,
lower input resistance and larger output resistance compared with the conven-
tional high-swing cascode current mirror. The proposed current mirror is a good
candidate for low voltage and high precision signal processing applications as

well as output stage of current amplifiers.

Chapter 4

Linearity of the OTA is an important criterion for OTA-C designs. In sub-
micron technology and low power supplies, the linearity of the conventional
gate-driven OTAs degrades. Although the triode-based OTAs provide relatively
better linearity, this advantage diminishes with the scaling and a trade-off exists
between input range and tuning range as well. The motivation of Chapter 4
attempts to utilize BD concepts in the design of low-voltage OTA for enhanced
performance. A differential BD triode-based OTA is introduced that achieves
higher linearity as well as greatly alleviates the input/tuning range trade-off.
The proposed OTA has fully balanced structure. CMFF is used to cancel the
common-mode input component and a new CMFB strategy is utilized to sta-
bilize the common-mode output component. With the output of the CMFB
block feeding to the gates of the BD MOSFETs, CMFB is easily incorporated
in the OTA core without appreciably increasing the power consumption or the

complexity of the OTA. Comprehensive analysis of the OTA and a 3™ order
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elliptic LPF design are given in the chapter.

5.2 THE ORIGINAL CONTRIBUTIONS OF THIS THESIS
The original contributions presented in this thesis are summarized below:

e The accuracy of using standard BSIM3V3 in modeling BD MOSFET has been
investigated thoroughly. The weakness of the standard BSIM3V3 and the asso-
ciated errors in modeling BD MOSFET are analyzed and summarized. Solutions

are provided (Chapter 2).

e The standard BSIM3V3 implementation and SPECTRE BSIM3V3 implemen-
tation have been compared and conclusions have been drawn to improve the

simulation accuracy of body diode capacitance (Chapter 2).

e An improved model suitable for BD MOSFET simulation up to RF frequency
has been presented (Chapter 2).

e The scaling effects on the future performance of the BD MOSFET and GD
MOSFET have been investigated and compared analytically (Chapter 2).

e The input-referred noise of gate-driven MOSFET, BD MOSFET and dynamic
threshold MOSFET has been analyzed and compared (Chapter 2).

e Techniques to improve the performance of conventional simple and cascode BD

current mirrors have been presented (Chapter 3).

e A novel 1 V/1.5 V regulated current mirror has been developed that has good
accuracy and high output impedance thanks to the simple negative feedback
amplifier. Low input impedance, large driving capability and dynamic range

have been achieved owing to the BD technique (Chapter 3).
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o A closed form of DC current transfer error has been derived for the proposed
BD current mirror that provides a better understanding of the DC performance.
Detailed design methodology has been provided and the influence of the design
parameters on the pole/zero locations for the proposed current mirror has been

studied (Chapter 3).

o The performance of the proposed current mirror has been analyzed. Compari-
son to the conventional high-swing cascode current mirror has been made with
respect to the input/output characteristics, the driving capability, pole/zero

locations, and noise (Chapter 3).

o A novel differential triode-based OTA has been implemented that features en-

hanced linearity as well as extended input and tuning range (Chapter 4).

e A thorough analysis of the proposed OTA and comparison to the conventional
triode-based OTA have been carried out including the nonlinearity analysis as

well as input and tuning range (Chapter 4).

e In the past, a lot of effort has been given to optimize the frequency behavior
of the gain-enhanced amplifier, such as intuitive method and symbolic method.
This thesis has presented an alternative, but simple and effective method to

carry out the optimization (Chapter 4).

e A new CMFB strategy has been proposed that simplifies the overall design. The
analysis of the CMFB loop gain and CMFB frequency performance are carried
out more easily by the method of signal flow diagrams (Chapter 4).

e A 3" order elliptic low-pass filter has been realized in 0.18 zm CMOS technology
by using the proposed OTA (Chapter 4).
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5.3 FUTURE WORK

The circuits developed in this Ph.D. thesis focus on applications at inter-medium fre-
quency. Future research will be an extension of this work by applying BD technique
to RF applications. The research target is to develop 1 V transceiver components.
In fully integrated transceiver design, the bandgap reference is an important build-
ing block that is in great demand to make on-chip voltage references in A/D, D/A
converters. Unfortunately, the development of high-order temperature compensation
techniques requires precision matching of current mirrors, which demands high supply
voltage. However, the power supply requirement will be decreased if the regulated
BD CM is used. This concept will be implemented in designing a novel 1 V bandgap
reference. Mixer, an important building block in wireless transceiver design, can be
developed using BD technique as well {157]. By applying LO signal to the body
terminal, while applying RF signal to the gate to modulate the MOSFET, the four
terminals of MOSFET are fully utilized and the mixing product can be extracted
from the drain, thus decreasing the power supply to close to one threshold voltage,
eliminating the interstage couplings at RF and reducing the parasitic effects into min-
imum. In order to develop practical BD mixer circuit, the modified BD MOSFET
model that has developed in this thesis will be used.
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