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Abstract

Energy efficiency and power consumption are increasingly important in wireless com-
munications and especially for wireless sensor networks (WSNs). The limited energy
budget in a WSN imposes many constraints on the transmitter side and limits WSN
performance especially with the increasing demand for a high data rate in biomed-
ical and imaging applications. In this dissertation, an energy-efficient, high data
rate, quadrature phase shift keying (QPSK) class-E transmitter is developed. This
transmitter is a promising alternative to conventional phase shift keying (PSK) and
direct modulation transmitters. This prototype is fully integrated in CMOS 65 nm
technology and has an optimized power consumption and output power to achieve
good efficiency and a high data rate. The prototype transmitter employs a class-E
power oscillator along with system and circuit level design methodology to maximize
the efficiency. The power oscillator is a self-oscillating power amplifier that utilizes a
positive feedback system. An efficient new technique for phase modulation (PM) that
achieves the 360o phase shift without the need for an additional circuit is presented.
The transmitter operates at 2.4 GHz with a data rate of 69 Mbps and transmitting
power of -6.8 dBm with achieved energy/bit of 42 pJ/bit and 2.9 mW power con-
sumption. The transmitter’s global efficiency is between 7.7% to 23% under a 0.4 V
power supply.

The first class-E power oscillator is tunable between 1.9 and 3.3 GHz. It is robust
to ∓20% frequency deviation due to PVT variations. The second power oscillator is
designed to be suitable for more area-efficient applications to reduce the fabrication
cost. It achieves a peak output power of −0.5 dBm and a peak efficiency of 37.5% un-
der a 0.4 V power supply and frequency tuning range of 1.66-2.7 GHz. This oscillator
is robust to ∓15% frequency deviation from a 2.4 GHz nominal frequency.

Towards the implementation of a battery-free WSN, an autonomous and reconfig-
urable triple band energy harvester, capable of performing high RF power tracking to
maximize the harvested DC power and enhance efficiency, is developed. The harvester
has the potential of being deployed along with remote sensor nodes to enhance the
nodes’ operational life-time. A peak PCEs of 57%, 43% and 33% are achieved at 2.4
GHz, 900 MHz and 1.2 GHz respectively. 30% and 10% increments in the harvested
voltage at 900 MHz and 1.2 GHz with a sensitivity of -19 dBm are achieved.

This work emphasizes techniques to improve the energy efficiency of WSN trans-
mitters towards the next generation of WSN. It is anticipated that these solutions
will shape future work towards solving many challenging research problems in WSNs.
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Chapter 1

Introduction

1.1 Introduction

Complementary metaloxidesemiconductor (CMOS) technology dominates the indus-

try for the implementation of inexpensive and ultra-low power remote devices. The

continuous scaling of CMOS technology in the last decades helped to reduce the in-

tegration cost and led to a new era of portable and miniature devices. Also, the

progressive development in wireless technology and the improvement of the sensor in-

tegration has allowed the development of wireless body networks (WBN) and wireless

sensor network (WSN) [1–5].

WBN/WSN has attracted many researchers in the academia and the industry

as an enabler to provide a real-time health monitoring. The recent developments of

these nodes have helped to improve the medical diagnoses and have provided better

comfort for patients in many applications. WBN/WSN can be used also in fitness

applications for athlete’s bio-signal monitoring during their training. These networks

can also be used in smart fabrics and gaming applications as well as in long-term

deployment of outdoor video sensors to monitor wildlife as shown in Fig 1.1(a).

Remote autonomous nodes typically include a radio, controller, a power source

and a sensing device as shown in Fig. 1.1 (b). The sensors can measure a wide variety

of inputs: temperature, vibration, gas density, tension and so on. For biomedical

applications, these WSNs can be implanted inside the human body or worn on the

body depending on the type of targeting bio-signal.

Typically, the radiated power in these WSNs is below the 0 dB because sensor

nodes communicate over relatively short distances. For nodes that are separated by

(10-40) meters, an output power range between (-10-0) dBm is required.

The network architecture for WSN can be classified into two categories: flat archi-

tectures and multi-tier architectures. In a flat architecture, each single node sends its

data to a personal server or a computer. In a multi-tier network, the data is collected

1
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from multiple sensor nodes and is transmitted to a gateway point over a transmission

range between (0.1-2) m. In the second tier link, the gateway acts as an interface

between the first and the third tier over a range typically smaller than 10 m. The

gateway node can be a smart phone or a computer to connect the local network to

the global network. Since the receiver is implemented off the human body, there are

no constraints on energy or size.

1.2 Facilitating the next generation of WSN

The limited energy budget in portable WBN/WSN imposes many constraints at the

transmitter side, especially with the increasing demand for a high data rate. These

constraints are at the resource level and at the performance level. In terms of the node

resources, the power supply determines the power consumption, the life time and the

size of the node. The RF transmitter is the most power hungry block in the WSN

or WBN and it’s power consumption dominates the total node’s dissipated power.

Therefore, the standard heterodyne conversion scheme is not a recommended solution

for this kind of wireless link because it includes a mixer, filters and a power amplifier.

This increases the design complexity and power consumption while reducing power

efficiency. Furthermore, the choice of modulation scheme for these portable WSN has

a significant impact on the transmitter architecture and hence the power consumption.

In terms of transmitter performance, metrics like efficiency, output power, trans-

mission range and modulation accuracy are highly impacted by the limited power

budget. There is a trade off between the transmitter efficiency, the power consump-

tion and the transmission range. The transmitter efficiency (ηTx) indicates how ef-

fectively the transmitter converts the power consumed into radiated power and can

be expressed as :

ηTx =
Prad

Poverhead +
Prad

ηPA

(1.1)

where Poverhead is the DC power consumption of Tx and ηPA is the power amplifier

efficiency. For WSN scheme, Poverhead should be minimized and ηPA should be max-

imized. In general, energy efficiency can be improved by reducing the losses in the

circuit or by minimizing the power consumption. In the literature, there have been
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Table 1.1: Performance summary and comparison of the state of the art transmitters

References
Power con-
sump.

Output
power

Efficiency

[mW] [dBm] %

[9] 0.33 -15 9

[10] 0.938 -15 3.19

[11] 1.3 -15 2.3

[12] 2.6 -8 6

many efforts to avoid the use of mixers by applying direct modulation. For instance,

in [6], a direct heterodyne transmitter structure is implemented by using a modulator

to mix the data with the carrier frequency. In contrast, in [7, 8], the data is directly

applied to the carrier frequency without the need for a modulator.

Energy per bit is a very important figure of merit, which is the average amount

of energy required to transmit a single bit of data and is determined by dividing the

dissipated power of the transmitter by the bit rate. Minimizing the power budget

improves the energy per bit. Yet, this degrades the output power of the transmitter.

While the required output power depends on the targeted application, a relatively

high output power is required to maintain a good bit error rate (BER) at high data

rate. It is worth mention that, the communication system fails if the radiated power is

too low. Table 1.1 demonstrates the relationship between power consumption, output

power and efficiency. The comparison of the state of the art transmitters reveals that

low output power transmitters suffer from poor efficiency.

The modulation scheme is another factor that limits the transmitter efficiency be-

cause there is a trade off between bandwidth efficient and energy efficient modulation

schemes. For example, the on/off keying (OOK) and the frequency shift keying (FSK)

have been used in energy efficient transceivers [13, 14]. However, these transceivers

provide relatively low data rate due to the limited bandwidth efficiency in OOK and

FSK. For Phase shift keying (PSK), the bits per symbol can be 2,3 or 4 for simple dig-

ital modulation. That not only increases the data rate but also improves the energy

per bit figure of merit.

Node life time and footprint are critical for WSN. In order to maintain a small foot
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Table 1.2: Power density of different types of energy scavenging

Energy
source

Power
density
[W/cm2]

Efficiency
(%)

Integration
Specifications

RF 0.1μ, 1n 50 easy 900 MHz, 2.4 GHz

Solar
100m,
100μ

10-50 possible indoor, outdoor

Vibration 6μ, 800μ 20-50 difficult human(Hz), Machine(KHz)

Thermal 6μ, 100μ 0.1,0.3 difficult Human, industrial

print for the node, the battery size must be reduced to the minimum. For instance,

given a battery capacity of 625 mAh at 1.5 V supply with a node consuming on

average 100 mW, the node will last only nine and half hours. Therefore, an energy

harvesting system that charges or even replaces the battery is essential for autonomous

operation.

Energy harvesting is the process in which the energy is collected from the environ-

ment. The key to design a battery-free device is to design a node that consumes few

milli-watts. Thus, an energy efficient RF link is crucial to enable autonomous opera-

tion. The selection of the energy source depends on the environment surrounding the

wireless node whether it is inside the human body, on the human body, or deployed

outdoor. For example, thermal and vibration harvesting are suitable for inside the

human body while harvesting from sun light is a good choice for long term deployed

sensors. Also, there are other factors, such as harvesting efficiency, integration ca-

pability and available input power that determine the selection of the energy source.

Table 1.2 lists different types of energy scavenging sources and their harvested power

density, efficiency and ease of integration [15].

The comparison reveals that radio frequency (RF) power is a good solution for

energy scavenging because the RF energy is available from different communication

services such as TVs, cell phones and radios and is distributed over a frequency range

between 900 MHz and 2.4 GHz. Therefore, it is a promising solution to replace or

to recharge a battery in WBN/WSN. However, this energy is limited due to the free

space attenuation as well as other losses in the wireless channel such as multi-path,
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Figure 1.2: Free space loss versus link distance.

fading, reflection and absorption. The free space loss is given by the Friis equation

[16] which is a function of the distance between the RF source and a device as shown

in Fig. 1.2. These losses reduce the amount of the received power which is already

limited by the Federal Communications Commission (FCC) regulations of the effective

isotropic radiated power (EIRP) to 4 W [17].

The RF powered devices typically rely on a low bandwidth modulation scheme

like OOK, amplitude shift keying (ASK) and backscattering transmitters to reduce

the power consumption. Typically, a low data rate is achieved due to the low output

power and the limited bandwidth modulation scheme. Table 1.3 lists several recent

RF powered WSN. For OOK transmitters low data rate is achieved and even with a

spectral efficient modulation [18], the date rate is a few Mbps. It is clear: there is an

increasing need to support high data rate in WSNs.
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Table 1.3: State of the art RF powered wireless link

Ref
Frequency
(MHz)

Min
Power(dbm)

Tx
power(dbm)

Data Rate
Modulation

[18] 5.8 GHz -5.9 -28.6 2.5Mb/s 32QAM

[19] 915/2400 -17.1 -12.5 5Mb/s OOK

[20] 13.55/402 -13 N/A 90kb/s
Back
Scatter

[21] 915/2400 -18.4 -2.5 0.5Mb/s OOK

1.3 System Level Considerations

This section goes through various system level considerations of a wireless link for

ingestible camera endoscopy or pill camera.

1.3.1 Frequency Band

The selection of the transmitter frequency band depends on many factors such as

propagation, antenna size, required data rate and required signal bandwidth. To

integrate a low frequency and a high quality inductor on a chip, it costs more die

area and higher losses. In this project, the ISM band is chosen because it gives

a good trade-off between antenna size and ease of integration. The corresponding

channel bandwidth and channel capacity meet the high data rate requirement for

high resolution image transmission. As well this band provides easier integration of

the on-chip inductor and it is more area efficient.

1.3.2 Data Rate

Medical imaging requires a high resolution image transmission with a fast frame

rate (>10f/s). A few Mega-bits per second (Mbps) is not enough to meet the high

resolution requirement in a biomedical imaging. For example, in an RGB color scheme

with 8 bit/pixel, frame size 640 x 480 with frame rate 6 fps, the required data rate is

44 Mbps. Moreover, for a neural recording system with 256 channels and a sampling

rate of 15 KS/s and 10 bit resolution, the required data rate is 38 Mbps. The high
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Figure 1.3: Simulated SNR vs required BER plot of a QPSK modulation

resolution and the fast frame requirement need a high data rate, therefore in this

dissertation the targeted data rate is > 50 Mbps.

1.3.3 Modulation Scheme

The modulation scheme determines the circuit architecture and that limits the power

consumption. As explained previously, in low power budget applications OOK and

FSK modulation schemes are typically applied [13, 14]. However, a low data rate is

achieved due to the limited bandwidth modulation scheme. To achieve a data rate

more than 50 Mbps, a spectrally efficient modulation scheme is required. Therefore,

the QPSK scheme is selected in this dissertation.

Although PSK transmitter requires a coherent receiver, the receiver is usually

implemented off the human body since there are no constraints on energy or size.

1.3.4 Power Budget

Typically, the high data rate consumes more power, but the size constraints (in mm2)

limit the capacity of the battery and impose more constraints on the power budget.

Especially when the devices are required to operate for six continuous hours once
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Table 1.4: Targeting system level design specifications

Specifications Target

Data rate > 50 Mbps

Frequency Band 2.4 GHz

Modulation scheme QPSK

Power Consumption < 7mW

Required EVM < 23 %

Channel capacity 101 Mbps

Channel Bandwidth 83.5 MHz

Required SNR > 12 dB

ingested.

The camera endoscopy typically includes a LED, an image sensor and a trans-

mitter. For a rough estimate of power consumption, if two batteries with capacity

83.7 mWh ( Energizer no.399) are used, this means 27.9 mW/h for 6 hours dura-

tion. The image sensor and LED can consume up to 20 mW. Therefore, the designed

transmitter and digital baseband circuitry should consume less than 7.9 mW in to-

tal. To satisfy the requirement of bit error rate (BER) <10−4, the corresponding

signal-to-noise ratio (SNR) should be more than 12 dB as shown in Fig. 1.3, which

means a reasonable output power is needed to meet the required SNR. Table 5.1

summarizes the radio design requirements such as SNR, frequency, data rates, and

power consumption of the target application.

1.4 Thesis Contributions

The main focus in this dissertation is the development of design techniques, system

and circuit design, implementation and validation of an energy-efficient and a high

data rate QPSK transmitter for a WSN/WBN and portable biomedical applications.

The contributions of this dissertation are summarized here:
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• Design methodology, analysis and implementation of a highly efficient class-

E power oscillator was accepted in the journal ” Analog Integrated Circuit

and Signal Processing”, titled ”An energy-efficient and ultra-low voltage power

oscillator in CMOS 65 nm”, 2018 [22]. This work is reported in Chapter3.

• A new phase modulation technique for direct modulation is developed and

demonstrated along with the digital circuit design to synthesize short pulses

that are needed for phase modulation.

• The design and fully integrate a 69 Mbps QPSK transmitter in CMOS 65 nm

technology for wireless sensor network applications. This includes both RF and

digital components in the same chip. The proposed architecture with simulation

results was published in ISCAS conference 2017 titled ” A 69-Mbps Dual Tuning

8PSK/QPSK Transmitter using Injection Locking and RF Phase Modulation”

[23]. This work is included in Chapter 4.

• The measurement and the evaluation of a QPSK prototype transmitter which

achieves a relatively good efficiency and a low power consumption when com-

pared to the other state of the art transmitters. These results were submitted

to ”IEEE Transactions on Very Large Scale Integration (VLSI) Systems ” titled

”An Energy-Efficient High-Speed Class-E Transmitter”, 2018 [24]. This work

is included in Chapter 4.

• To facilitate the next generation of a WSN, a battery-free transmitter is needed.

Therefore, the design and the implementation of the triple RF bands energy

harvester are presented in this research. The harvester enables a battery-free,

autonomous and reconfigurable operation for a WSN. The initial results were

published in ICECE conference titled as ”Analysis and Design of Simultaneous

Dual Band Harvesting System with Enhanced Efficiency”, 2016 [25]. The ex-

tended analyses and characterization of the RF harvester were published in ”

Analog Integrated Circuit and Signal Processing” titled ”A reconfigurable and

instantaneous triple RF bands energy harvester using internal control loop”,

2018 [26]. This work is presented in Chapter 5.
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1.5 Organization of the Thesis

This dissertation presents the design of an energy efficient transmitter for a battery-

free WSN. In Chapter 2, the transmitter’s architectures are reviewed and compared. A

technical overview of the low-power RF transmitter for WSN and medical applications

is presented. The chapter focuses on phase modulation techniques and discusses the

design and characterization of QPSK transmitter architecture.

Chapter 3 provides a design methodology and an efficiency analysis of a class-E

power oscillator. The proposed oscillator is implemented using TSMC 65 nm technol-

ogy. A novel energy efficient oscillator is presented. The final layout of the oscillator

is also presented.

In Chapter 4, a new efficient technique for phase modulation is introduced and

the corresponding mathematical equations are presented. The proposed transmitter

architecture of an energy efficiency of 42 pJ/bit and 69 Mbps QPSK transmitter is

presented. The measurement results and a discussion are included. The achieved

performance of the proposed prototype design is compared with the state-of-the-art

transmitter designs showing the improvement in power consumption, data rate, figure

of merit (FOM) and efficiency.

Chapter 5 presents the design of an autonomous energy harvester that performs

a high RF power tracking to maximize the harvested DC power and to enhance the

efficiency. A model for a dual band harvester is derived. The design of a control loop to

provide an autonomous operation of the RF tracking. The circuit design and the post

layout simulations results are included. The achieved performance of the proposed

harvester is compared with the state-of-the-art designs showing improvement in the

efficiency and reconfigurable operation.

The summary and the conclusion of this dissertation are made in Chapter 6, where

the contributions of the overall work are outlined and benefits of this work are dis-

cussed. Possible future work is discussed and a few related circuits are recommended

for design and implementation.



Chapter 2

A Review of Transmitter Architectures

This chapter discusses the architectures of the RF transmitters with an emphasis on

PM techniques and the relationships between power consumption, data rate, radi-

ated power and efficiency. It describes the circuit design of directly modulated PSK

transmitters. Finally, it lists and summarizes the performance parameters of recently

published WSN transmitters.

This chapter is organized as follows: Section 2.1 presents the PSK modulation

characteristics and accuracy. A review of transmitter architectures is discussed in

Section 2.2. A list of recent WSN transmitters and their technical characteristics are

included in Section 2.3. A summary of the chapter is presented in Section 2.4.

2.1 Phase Shift Keying Modulation Scheme

The transmitter modulates a message with a carrier and transmits it into the air

through the antenna. In a conventional QPSK system, the phase of the carrier is

modulated by multiplying the base band signal with the carrier using a quadrature

mixer. The carrier phase is adjusted in increments of 90o. Four symbols are defined

corresponding to four different phases: the first symbol “00” is defined at 0o and

the phase is advanced by an additional 90o for the other three symbols as shown in

Fig. 2.1.

For the i-th symbol, the equivalent phase is φi. The transmitter output voltage is

simply expressed as a sinusoidal signal with an instantaneous phase shift such that:

Vout = Vm cos(ω0t+ φi) (2.1)

Here, Vm is the peak amplitude at the output of the transmitter and ω0 is the carrier

frequency in radians.

12
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Figure 2.1: The constellation diagram of a QPSK modulation.

2.1.1 Modulation Accuracy

The PSK transmitter performance is characterized by the quality of the modulation.

The figures of merit are the error vector magnitude (EVM) and the constellation map

that shows the I,Q phasors. Vector signal analyzer(VSA) and vector signal generator

(VSG) are usually used to perform the EVM testing. To achieve a row BER better

than 10−4, a typical QPSK transmitter requires an EVM better than 23%. EVM is

the ratio of the measured output power(Perror) divided by reference power(Pref ) as

found in (2.2).

EVM(%) =

√
[
Perror

Pref

] ∗ 100 (2.2)

To estimate the EVM, the vector plot shown in Fig.2.2 is used. It should be noted

that the focus of our EVM analysis is on the systematic constellation error. In this

plot, the vector CR is the reference vector, the vector CT is the measured vector,
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Figure 2.2: The graphical representation of EVM estimation.

the vector TR is the EVM and Θ is the phase error. If the phase error is very small,

a right angle triangle is formed between ΔD and BT, the EVM can be obtained as

follows:

EVMrms =
√

(TB)2 + (ΔD)2 ∗ 100% (2.3)

Where TB equals to CTsin θ

EVMrms =

√
(
ΔD

CT
)2 + (sin θ)2 ∗ 100% (2.4)

Assuming both the magnitude error and the phase error contribute equally to the

EVM and in order to meet the BER requirements, this result in the following error

constraints:
ΔD

CT
< 0.16 (2.5)

θ < 9.3o (2.6)

The phase error constraint helps to determine the oscillator and frequency accu-

racy.
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Another figure of merit thats helps to estimate the EVM is the SNR. If the SNR

is high, the displacement of the measured vector from the reference vector due to

noise and distortion effects would be very small and the EVM would approach zero.

If SNR is poor, the displacement of the measured vector from the reference vector

would be large and EVM would also be large.

EVMrms =

√
1

10SNR(db)/10
∗ 100% (2.7)

2.2 The Transmitter Architectures

This section reviews the architectures of the two-step conversion and direct conversion

transmitter. It discusses the design parameters related to high power efficiency. The

main focus is on direct PM for ultra-low-energy transmitter design.

2.2.1 Up-Conversion Transmitter

The phase modulation is realized by mixing the baseband information with the carrier

frequency. The frequency up-conversion can be categorized into two architectures: the

heterodyne frequency up-conversion and the homodyne frequency up-conversion.

The heterodyne frequency up-conversion architecture is shown in Fig. 2.3. It

shows the block diagram of the two-step transmitter architecture. The output of the

transmitter can be found as :

Vout = I(t) cos(ωct) +Q(t)sin(ωct) (2.8)

It employs filters, two sets of mixers, digital-to-analog converters (DACs) and a

PA. The baseband I and Q quadrature modulation are at the intermediate frequency

ω1 and the mixer converts it to the RF frequency ω1 + ω2. The band pass filter after

the second mixing rejects the LO leakage and unwanted image signal and this is very

difficult to be integrated in a single chip. The RF signal is then amplified by the PA

before transmitting the output power to an antenna. This architecture is very robust

however, it consumes high levels of power and silicon area because it is comprised of

many circuit blocks.
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Figure 2.3: Block diagrams of heterodyne RF transmitter architecture.

The homodyne transmitter architecture is depicted in Fig. 2.4. Here, the base-

band signal is directly up-converted to the RF signal. It is widely used in many

applications due to it’s flexibility to adopt any modulation scheme. The power con-

sumption of the homodyne architecture is generally lower than that of the heterodyne

architecture due to the elimination of the second mixer and the bandpass filter. How-

ever, the power consumption still doesn’t meet the WSN power budget. Furthermore,

this architecture suffers from injection pulling where the local oscillator (LO) is dis-

turbed by the strong output signal of the PA. In spite of various shielding techniques

employed to isolate the LO, the PA output still corrupts the oscillator spectrum.

2.2.2 Phase Locked Loop Transmitter

The Phase Locked Loop (PLL) is a fundamental building block in many modern

communication systems. PLLs are widely used in various wireless applications such

as frequency synthesis, frequency modulation detection and data detection.

A PLL is a nonlinear feedback control system which can be used to control the

phase/frequency of the LO. The block diagram of PLL design is depicted in Fig.

2.5. It consists of a phase detector, a loop filter and a voltage-controlled oscillator

(VCO). By synchronizing the VCO to an input reference, the VCO phase is more

stable. The feedback system compares the VCO phase with the reference phase. The

PLL generates an error signal which adjusts the VCO frequency to maintain constant
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Figure 2.4: Block diagram of homodyne RF transmitter architecture.

phase with respect to input reference. The mismatch between I and Q paths limits

the quality of the modulated signal.

Although PLL based transmitters are more hardware efficient than mixer-based

transmitters and are often used in low power applications, the data rate is limited

by the loop bandwidth. Using a bandwidth extension to increase the data rate leads

to a gain mismatch and this degrades the transmitter performance and calibration is

usually required.

2.2.3 Direct Modulation Transmitter

Direct modulation scheme is usually adopted to reduce power consumption and silicon

area. In this implementation, the data is modulated to the RF directly without the

use of a mixer. This architecture is simpler and supports simple modulation schemes

like OOK, FSK and PSK. The following list summarizes all the directly modulated

PSK transmitter architectures.

• Frequency Injection Locking Transmitter

Injection locking (IL) is the synchronization of an oscillating system with an

external signal as shown in Fig. 2.6(a). IL has gained substantial attention in
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the communication system and this phenomena has been studied extensively

in [27, 28]. Two key parameters in the design of a PSK transmitter are 1) the

phase tuning range and 2) the power efficiency. Fig. 2.6(b) shows the phaser

diagram of the injected signal and the output signal where θ is the phase between

the injected signal and the output signal .

Fig. 2.7 illustrates the frequency injection locking mechanism. When the injec-

tion frequency ωinj > |ωinj − ωosc|, the oscillation frequency converges towards

the injection frequency. However, if |ωinj − ωosc| > ωinj, the oscillator output

remains unlocked. The phase θ and locking range ωL are defined in [28] as the

following:

sin θ ≈ 2Q

ωosc

Vosc

Vinj

(ωosc − ωinj) (2.9)

ωL =
ωosc

2Q

Vinj

Vout

1√
1−

(
Vinj

Vout

)2
(2.10)

where Q is the tank equivalent quality factor.

As can be seen in (2.9) and (2.10), there are two factors that can be used to

control θ: 1) the injected signal amplitude Vinj or the ratio (Vosc

Vinj
) 2) the tank
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Figure 2.6: Injection locking process (a) conceptual diagram (b) phasor diagram of
injected and output signal.

Figure 2.7: Th representation of the injection locking range.
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frequency ωosc. The locking range increases with the ratio of (Vinj/Vosc). It also

decreases with the quality factor Q. As can be seen in (2.11), a wide locking

range (ωL) is required to reduce the locking time (TLock), which means there is

a trade-off between speed and power consumption in IL.

TLock =
4

ωL

(2.11)

IL has been employed in different modulation schemes to achieve different pur-

poses. In [29], IL was employed in OOK transmitters to provide an accurate
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reference carrier, to improve the phase noise performance and the instabili-

ties associated with ring oscillators. Fig. 2.8(a) shows the reported designs

in [10, 30]. Injection locking ring oscillator (ILRO) was employed to provide

PM. Ring oscillator is shown in Fig. 22.8(b), where a multiple delay cell with

a positive feedback is used. Due to the nature of the cascaded stages in RO,

it readily provides multiple phases without the need for a frequency divider.

Typically, utilizing RO as a carrier generator can reduce power consumption

but this limits output power and hence efficiency. Power consumption is not

only a function of power supply, other factors like operating frequency and data

rate are the real definers of the consumed power.

In [10] a very limited power efficiency of 3.36% is achieved despite the sub-

milliwatt consumed power due to the low output power of -15 dBm. In [31] a

high efficiency of 22% is reported at low data rate due to the low dissipated

power of sub-micro watt. Even though the sub-micro watt power consumption

sounds attractive, the very important figure of merit for energy/bit is not ultra-

low with 0.45 nJ/bit. The reported transmitter in [32], operates at 900 MHz

and 50 Mbps data rate while consuming 6 mW under a 1.8 V power supply. This

high consumed power results from high power supply, high operating frequency

and high data rate.

Employing IL to achieve PM (relying on RO) compromises the accuracy of the

modulation. RO suffers from process, voltage and temperature (PVT) varia-

tion and sensitivity to mismatch lead to a phase error. This phase error directly

impacts the modulation accuracy and results in higher EVM. Therefore, a cal-

ibration circuit is usually added to compensate for these effects. For example,

in [32], a high EVM of 8.227% occurred without a calibration technique com-

pared to a lower EVM of 3.8% in [10]. However, this circuitry is more complex,

consumes extra die area and has a higher power consumption.

In [33, 34], the PM is achieved by using IL with LC-VCO. The difference between

the injected signal and the self resonant frequency (SRF) of the LC tank sets the

output phase to ∓45o. LC oscillators are more immune to mismatch, however,

this technique has a limited phase tuning range. The other two phase shifts

∓135o were still needed, so a polarity sweep circuit was added in both reported
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works.

• Phase-Multiplexer-Based Transmitter

Fig. 2.9 shows the analog phase MUX based transmitter reported in [9, 35].

The phase MUX is an over driven quadrature Gilbert cell for direct PM. The

multiphase signals are provided by a carrier generator at an RF frequency. The

baseband input selects the corresponding phase signal to the PA. These designs

rely on RO as an oscillator. As explained in the previous section, this kind of

oscillator it is highly sensitive to PVT variation ( see Fig. 2.10), although it is

very simple and consumes a low power and area. Furthermore, some non-ideal

effects related to Gilbert cell are: quadrature mismatch and the offset of LO

leakage that alter the duty cycle of the output signal and affect the modulation

accuracy. In [36], the phase multiplexing concept was directly applied to an

injection locked ring oscillator. Although a low power ring oscillator was em-

ployed, a relatively low data rate and high power consumption were reported

due to the use of multiple cascaded digital power amplifiers stages that are used

to perform the phase selection.

Despite many building blocks like DACs and analog filters are eliminated in

[35] to reduce power consumption, a 3.5 mW for data rate equals to 17.5 Mbps

is reported. Note, the DC power consumption increases exponentially with the

power supply and increases linearly with the frequency as expressed in (2.12)

[37]. That means a 3.5 mW power consumption at 440 MHz carrier frequency

is not as low as it should be. A very poor efficiencies of less than 5% in [35] and

less than 10% in [9] were reported.

PDC = C.V 2
DD.f (2.12)

2.3 Recently Published WSN Transmitters

This section summarizes the recently published state of the art WSN transmitters.

These transmitters are classified by the architectures described in the previous sec-

tions. Table 2.1 shows the key performance parameters of frequency up-conversion
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Figure 2.10: Block diagram of four-stages differential ring oscillator showing the phase
shift and phase error.

WSN transmitters while Table 2.2 presents the same parameters for the direct mod-

ulation WSN transmitters.

The heterodyne transmitters consume more power than the direct modulation

transmitters because of the extra circuit blocks as explained in the previous sections.

The transmitters with radiated power below 0 dBm have an efficiency lower than

10%. The transmitters with a low radiated power have poor efficiency because they

have a relatively high dissipated power.

For the direct modulation transmitters listed in Table 2.2 where the data rate is

extremely low, the transmitters consume less power ( sub-milliwatt), the efficiency is

more than 10% in [30]. For a high radiated power more than 0 dBm, a high efficiency

is achieved even with a high data rate. The direct modulation transmitters have less

than 10% power efficiency when the radiated power is less than −3 dBm. Note, for

an extremely low radiated power, the efficiency degrades even when the data rate is

low and the transmitter consumes low power.
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Table 2.1: Performance summary of recently published frequency up-conversion WSN
transmitters.

Ref Technology Frequency Power consump Radiated power Efficiency (%)

[38] 0.18μm 405 MHz 1.87 mW -12 dBm 3.34

[39] 0.13μm 915 MHz 2.7 mW -6 dBm 9.26

[40] 0.18μm 400 MHz 11.7 mW 3 dBm 17

[41] 65 nm 5.8 GHz 2.86 mW -31 0.027

[42] 0.13μm 2.4 GHz 18.2 mW -8.7 0.6

Table 2.2: Performance summary of recently published direct modulation WSN trans-
mitters.

Ref Technology Frequency Power con-
sump

Radiated
power

Data rate Efficiency
(%)

[30] 0.13μm 400 MHz 0.09 mW -16.9 dBm 200 Kbps 22

[9] 0.18μm 400 MHz 0.33 mW -15 20 Mbps 9

[10] 65 nm 915 MHz 0.93 mW -15 dBm 55 Mbps 3.2

[12] 0.18μm 400 MHz 2.6 mW -8 dBm 4 Mbps 5.7

[32] 0.18μm 915 MHz 5.9 mW N/A 50 Mbps N/A

[33] 0.18μm 915 MHz 5.88 mW -3.3 dBm 50 Mbps 7.8

[43] 0.13μm 2.4 GHz 8.9 mW 1.9 dBm 1 Mbps 16.8

[44] 0.18μm 400-406 0.425 -10.8 0.06 19.3
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2.4 Summary

Different RF transmitter’s architectures were reviewed. Performance specifications

were discussed. Focusing on direct phase modulation, the architectures were de-

scribed. The drawbacks of these architectures were discussed. Previous state of the

art transmitter designs were listed and compared. These comparisons revealed that

low power budget transmitters typically had a limited power efficiency.



Chapter 3

A 2.4 GHz Energy-Efficient CMOS Power Oscillator

(Methodology and Circuit Design)

This chapter introduces and develops an alternative design for a class-E power os-

cillator circuit. In this work two types of power oscillators were developed, the first

oscillator is presented in this chapter. The second oscillator is part of a QPSK trans-

mitter which is presented in Chapter 4. This chapter presents a new energy-efficient

power-oscillator in 65nm CMOS technology under an ultra-low power supply at a 2.4

GHz. This work is developed in [22]. The oscillator is tunable between 1.66 GHz

to 2.78 GHz using dual varactors under a 0.4 V power supply and 2.4 mW power

consumption. The oscillator is robust to ∓15% frequency deviation from a 2.44 GHz

nominal frequency due to PVT variation. The proposed oscillator demonstrates a

maximum output power of −0.45 dBm, a peak efficiency of 37.5% and a phase noise

of -108 dBc/Hz at 1 MHz offset frequency.

This chapter is organized as: Section 3.1 presents an overview of the VCO design,

Section 3.2 describes the class-E power amplifier circuit design. The high efficiency

requirements in power amplifiers design are discussed in Section 3.3. Section 3.4

introduces the power oscillator concept and methodology. Section 3.5 presents the

circuit design of a class-E power oscillator. The simulation results are demonstrated

in Section 3.6. Finally, Section 3.7 draws a summary.

3.1 Introduction

The VCO is a very important building block in communication systems. It is used

in different applications either as a carrier frequency generator or as a clock for the

digital circuits. The VCO’s characteristics limit the transmitter performance in a

direct modulation scheme. This is clearer in limited power budget applications. An

energy efficient and a high-power oscillator is increasingly required.

27
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The power oscillator is a self oscillating power amplifier (PA). Several power oscil-

lators in CMOS technology were reported in the literature [45–47]. In [45], a relatively

good efficiency is achieved, however it consumes a high power. While in [48, 49], a

very limited tuning range is achieved to maintain a high output power since the

frequency tuning is limited by the loop gain of the circuit.

Note, the PA is categorized to several classes depending on the voltage and the

current waveform at the drain. These classes are: A,B,C,D,E and F. In classes

A,B and C, the output voltage and the current are sinusoidal and that limits the

efficiency. Classes A and B (the transconductance amplifier) are linear but they have

low efficiency due to overlapping between the voltage and the current. While for the

switching amplifiers (Classes D, E and F) in theory the efficiency reaches 100%.

The switching PAs are preferred in many applications due to their high efficiencies,

specifically a class-E PA due to its simple circuit. Indeed, the efficiency and the output

power are the most important key design parameters in PAs. In low power budget

applications, the output power is critical to maintain a reasonable transmission range

and to achieve a low bit error rate. The transmitter total operation time (top) is

limited by the PA efficiency (ηPA).

top = ηPA
Eava

PDC

(3.1)

Where Eava is the available transmitted energy and PDC is the total consumed

power. An energy efficient class-E power oscillator with reasonable output power

and a wide tuning range that is suitable for direct modulation is targeted in this

dissertation.

3.2 Class-E Power Amplifier

The class E-PA was first introduced by Sokals in 1975 [50], with ideal efficiency 100%.

Fig. 3.1(a) shows a class-E PA circuit. It includes a single NMOS transistor M1 which

acts as a switch and a series resonant filter composed of Lres and Cres that passes the

fundamental sinusoidal to the load. The RF choke inductor Lchoke connects the DC

voltage supply with M1 to allow a DC current to flow. Cp is the parasitic capacitance

of M1 and the antenna is modeled with a 50 Ω load resistance R.
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When the switch is closed as depicted in Fig. 3.1(b), the current flows from the

power supply (VDD) through Lchoke and through the switch to the ground. When

the switch is open as shown in Fig. 3.1(c), the current continues to flow from the

stored energy in the inductor to Cp and R. In operation, the switch will be toggled

between on and off.

Sokal made two assumptions or conditions to minimize the power dissipation by

the switch. The first condition is the zero voltage switching (ZVS) condition, where

the voltage across the MOS switch should be minimized when the current flows. The

current should be minimized whenever non zero voltage occurs across the switch. The

second condition is the zero voltage derivative switching, (ZVDS) condition where the

switching time when the voltage and the current are on, has to be minimized. The

non overlapping drain current and voltage waveforms are demonstrated in Fig. 3.1(d).

When the switch is turned off, all the switch current will be transferred to the shunt

capacitor and this will result in a high peak drain voltage theoretically equal to (3

VDD) [50]. A single transistor class-E PA under a 1.1 V power supply can exhibit a

3.8 V drain swing. This is much higher than the oxide breakdown voltage in CMOS

technology. The low breakdown voltage in the nanometer technology is a challenging

issue in designing CMOS PAs.

The CMOS technology and the limited power budget usually result in poor effi-

ciency compared to other technologies. For example, PAs with an output power of

the order of 1 watt have high efficiency around 65% [51, 52] in which power MOSFET

is used in the PAs design. However, for PAs with milli-watt output power level, low

efficiency around 10% is usually reported [53–55]. In [56, 57] a class-E PA is imple-

mented in a GaAs technology. The higher break-down voltage in a GaAs helps to use

high power supply and this results in higher efficiency.

3.3 High Efficiency Class-E PA Design

The design of the PA starts by selecting the MOS size depending on the power

supply and the power consumption requirements. Although the MOSFET transistor

in a class-E PA is modeled as an ideal switch, in reality there is no ideal switch.

Therefore, using MOSFET results in some associated on-resistance (ron) that degrades

the efficiency.
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ron =
L

μnCoxW (Vgs − Vth)2
(3.2)

Where L is the channel length, μn is mobility of N-FET cm2/(V s), Cox is the oxide

capacitance per unit gate area (F/m2) and Vth is the threshold voltage. The losses

associated with ron are studied by Sokals and Raab and can be found as:

Ploses−ron = 1.3365
ron
R

Po (3.3)

where Po is the output power and R is the load impedance.

To increase the PA output power, enlarging the MOS size is the most intuitive

approach. However, MOS size can not be increased unlimitedly. Fig. 3.2(a) shows

the output power and the efficiency of a class-E PA as a function of the transistor

width. As expected, the output power increases almost linearly with the MOS size.

The efficiency increases linearly due to the reduced ron and to the improved ratio of

(ron/R) as expressed in (3.4). However, after the 80 μm size, the efficiency starts to

decline. Fig. 3.2(b) demonstrates the relation between the power consumption (Pdc)

of a class-E PA and the dimension of the device with respect to Vdd. It shows that

the power consumption directly rises with larger devices and a higher Vdd. However,

the increment in the dissipated power for a higher Vdd is significantly more than the

dissipated power in larger devices. For instance, there is a 0.3 mW increment in Pdc

for every 10 μm increment in the MOS width under a 0.5 V supply, while a 2 mW

increment in Pdc occurs under a 1.2 V power supply and the same MOS size.

ηPA =
1

1 + 1.4(ron/RL)
(3.4)

Increasing the MOS width improves the transconductance (gm) to increase the

gain. Fig. 3.3 shows the relation between gm and ron for varying MOS width. Note

that the optimum MOS width for a high gm has the lowest ron.

On the other hand, larger devices increase the associated parasitic capacitances

seen at the gate, as can be found in (3.5). The large MOS devices limit the maximum

operating frequency and increase the required power to drive the PA as can be seen in

(3.6), and this leads to more power consumption. Therefore, selecting the optimum
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dimension for the transistors is critical due to constraints imposed by the resources

and by the CMOS technology.

fmax = 0.0798
Pout

CdrainV dd2
(3.5)

Pdrive = f.CG.Vgs (3.6)

Where f is the operating frequency, CG is the total capacitance seen at the gate,

Vgs is the gate voltage of the PA transistor and Cdrain is the total capacitance seen

at the drain.

The high drain voltage swing is critical in PAs and it must be well controlled in

CMOS devices. Fig. 3.4 represents the drain voltage swing in a class-E PA for a

varying MOS width, multiple Vdd and a varying gate voltage (Vgs). As shown in Fig.

3.4 (a), the drain voltage increases as the MOS width and Vdd increase. Note, the

drain swing becomes more prominent in larger transistors under a high power supply.

For example, for a 50 μm MOS width and a 0.6 V power supply, the drain swing is

1.1 V, while for a MOS width equal to 100 μm and 1.2 V power supply, the drain

swing is 2.6 V.

Fig. 3.4 (b) demonstrates the relationship between the gate voltage and the drain

swing for 50 μm MOS width and Vdd varies between 0.9 V and 1.1 V. Although there

wasn’t much change in the drain swing for a higher Vdd, the drain voltage increased

linearly as Vgs increased from 0.5 V to 1 V.

The load impedance RL is determined by the output power requirement as can

be seen in (3.7). The efficiency can be improved by increasing RL. However, this

increment can not be unlimited. Fig. 3.5 demonstrates the relationship between the

load impedance with the output power and the efficiency. Note that the output power

and the efficiency increase with high load impedance below 50 Ω however, there is no

reasonable increment after 50 Ω.

RL = 0.577
V 2
dd

Pout

(3.7)
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A +Vout+Vin

Figure 3.6: The proposed oscillator block diagram.

3.4 Design Methodology

The oscillator is a closed-loop system that sustains a periodic output signal due to

a positive feedback. The power oscillator is a self oscillating PA that amplifies its

own noise and oscillates at ωo. Recall that any closed-loop system with a positive

feedback where A is the forward gain and β is the feedback gain can be represented

by the following transfer function:

H(s) =
A

1− Aβ
(3.8)

The Barkhausen criterion states two conditions for stable sustained oscillation:

magnitude = |Aβ| > 1 (3.9)

phase = ∠Aβ = 2.n.π (3.10)

where n is any integer.

The proposed closed-loop system of a class-E power oscillator is shown in Fig. 3.6.

The network A includes two stages: the class-E PA and a pre-amplifier stage this is

necessary to provide the required (2πn) phase shift to sustain the oscillation and to
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maintain enough gain for the oscillation during frequency tuning, while maintaining

low dissipated power. Two choices are available to serve this purpose: 1) the use of

an inverter as a pre-amplifier stage which will be discussed in this chapter, 2) the use

of a common source amplifier as a pre-amplifier stage (this will be discussed in detail

in the following chapter). The network β is a unity.

Fig. 3.7 depicts the model of the closed- loop system where a class-E PA is

modeled as a transconductance (−Gm) amplifier and a series RLC circuit with an

equivalent impedance (Z(s)). The inverter stage is modeled as a gain stage −1. The

series RLC circuit can be expressed as:

Z(s) =
R

Lres

s

s2 + (R/Lres)s+ 1/LCres

(3.11)

The loop gain is:

Gloop(s) = Gm
R

Lres

s

s2 + (R/Lres)s+ 1/LCres

(3.12)

The closed-loop transfer function is:

vout(s)

vin(s)
=

Gm
R

Lres

s
s2+(R/Lres)s+1/LCres

1−Gm
R

Lres

s
s2+(R/Lres)s+1/LCres

(3.13)

vout(s)

vin(s)
=

Gm
R

Lres
s

s2 + (1−Gm)
R

Lres
s+ 1

LCres

(3.14)

The closed-loop complex-conjugate poles are:

S1,2 =
−( R

Lres
)(1−Gm)∓ 2

√
((1−Gm)(

R
Lres

))2 − 4
LCres

2
(3.15)

Figure 3.8 demonstrates the oscillation process and the relationship between the

poles location and the transient response. When the poles are located on the left half

of the s-plane, the system is stable. When the poles are located on the right half

of the s-plane the system is not stable and starts to oscillate. When the poles are

located on the imaginary axis the system reaches stead-state oscillation. Root locus

plot is used to show the trajectory of the closed-loop poles in the complex s-plane as

shown in Fig.3.9. When Gm
R

Lres
> 1, the poles have positive real part and are located



39

- Gm Z(s)

1

Vin(s)
+ Vout(s)

PA

Inverter

Β

Vin(s)
+ Vout(s)

Class-E 
A

Class-E PA

(a)

(b)

- 1

Pre
driver

Figure 3.7: The feedback model of a class-E power oscillator (a) the block diagram
(b) the detailed closed-loop system.
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Figure 3.10: The class-E power oscillator block diagram.

on the right half of the s-plane. When Gm
R

Lres
= 1, the poles only have an imaginary

part and are located exactly on the imaginary axis. When Gm
R

Lres
< 1, the poles

have a negative real part and are located on the left half of the s-plane. To start the

oscillation, Gm
R

Lres
has to be greater than one where the oscillation amplitude starts

to grow exponentially. Due to the MOSFET nonlinearities, the poles go back to the

imaginary axis and the oscillation reaches a steady-state.

3.5 The Power Oscillator Circuit Design

The self-oscillating PA is depicted in Fig. 3.10. It comprises a class-E PA and a

tuning circuit with an inverter as a pre-amplifier. The detailed architecture of the

proposed power oscillator is demonstrated in Fig. 3.11. We have considered a single-

end structure and made a careful choice of its parameters. The inverter is implemented

with the transistors M2 and M3 with 15 μm and 10 μm width respectively. A 0.9

V power supply is selected to maintain a minimum power dissipation at the inverter

stage.

The two on-chip inductors are: L=4.18 nH and Lres=1.1 nH. In our work, the

maximum current through the PA is set to a peak value 7 mA. The optimum width

for the PA transistor M1 is 50 μm. A 0.4 V power supply is selected to control the

drain swing and minimize power consumption. The load impedance (RL) is set to be

50 Ω.
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The wide frequency tuning is important not only to compensate for PVT variation,

but also it is critical for the proposed new modulation technique (this will be explained

in the next chapter). The frequency tuning is limited by the loop gain of the circuit.

Therefore, a small tuning range is selected to reduce the voltage division ratio. To

vary the oscillation frequency in series configuration, a large off-chip inductor Lbias

that provides a DC bias voltage is used. The frequency tuning is implemented by

using a varactor bank. Fig. 3.12 shows the tuning structure of the power oscillator.

The varactor bank includes a MIMCAP with the capacitance Cfix in parallel with a

dual varactor pair Cvar. Cfix maintains an AC path from the input to the output,

while the varactor pair provides the frequency tunability. The value of Cfix and Cvar

have been chosen properly to allow frequency tunability without degrading the gain.

Ceff = Cfix +
Cvar

2
(3.16)

The effective capacitance Ceff varies with a ratio equal to Cmax/Cmin = 1.7 to

tune the frequency between 1.6 GHz and 2.7 GHz when the control voltage (Vcontrol)

changes between 0 V and 1.5 V, where Cfix=0.3 pF, Vbias=0.4 V and Lbias=100 nH,

such that:

f =
1

2π
√
Lres Ceff

(3.17)

3.6 Implementations and Results

The proposed oscillator is implemented in CMOS 65 nm. The layout photograph is

shown in Fig.3.13. The core of the VCO occupies an active area of about 0.16 mm2.

Fig. 3.14 illustrates the oscillation amplitude at the time domain. The circuit starts

to oscillate after 3 ns with peak-peak value equal to 300 mV ( at Vcontrol=0 V).

The drain voltage swing and the switching behavior of the PA is shown in Fig. 3.15.

Table 3.1 summarizes the breakdown of the oscillator power consumption and the

total power consumption with a 2.4 mW.

Fig. 3.16(a) represents the simulation results of the tuning range. It is from 1.66

to 2.7 GHz under a tunable control voltage of 0 V to 1.5 V and a supply voltage of
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M1=50 μm/60nm
M2=10 μm/60nm                               Vbias=0.4 V
M3=15 μm/60nm                                Rload=50  
L=4.18 nH
Lres=1.1 nH
Cfix=0.3 pF
Cvar=1.5@ 0V-2.5 pF @vdd

Figure 3.11: The proposed class-E power oscillator circuit design.

Table 3.1: Power consumption breakdown.

Circuit block
power consumption
(mW)

Class E power amplifier 1.9, Vdd=0.4V

pre-amplifier 0.5, Vdd=0.9V

Total 2.4
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Figure 3.12: Single end tuning structure in the power oscillator.

Figure 3.13: Photograph of the proposed oscillator.
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0.4 V. This wide tuning range enables the oscillator to compensate for PVT varia-

tion. The oscillator is robust to ∓15% frequency deviation from a 2.44 GHz nominal

frequency. The PA and the varactor are nonlinear and this reflects on the transmit-

ter spectrum shown in Fig. 3.16(a) where the operating frequency does not increase

linearly with the increases of the control voltage that applied to the varactor. The

oscillator performance against the temperature variation between 0oC to 100 oC is

illustrated in Fig.3.16(b). The results show that less than ∓5% frequency deviation

occurs over 100 oC temperature change.

Fig. 3.17 (a) shows the oscillator output power between 0.1 mW and 2 mW under

a supply voltage is between 1.3 V and 1 V and a frequency range of 1.66 to 2.77 GHz

respectively. The oscillator efficiency between 5% and 37.5% under a supply voltage

is between 1.3 and 1 V as depicted in Fig. 3.17 (b). The results reveal that the

efficiency decreases with high Vdd due to the increased power dissipation . A 0.4 V

power supply is the optimal due to the achieved 37.5 % efficiency, 0.9 mW output

power and 2.4 mW power dissipation as can be seen in Fig. 3.18 .

The VCO achieves a figure of merit (FOM) ranging from −158 to −172 dBc/Hz

as described in (3.18) with trade-off parameters that include phase noise (L(Δ ω)),
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power dissipation (PD), carrier frequency (ωo) and offset frequency (Δω) . The phase

noise of the VCO at 1 MHz offset frequency is ranging between -100 to -110 dBc/Hz

as demonstrated in Fig. 3.19.

FOM = L(Δ ω) + 10 log(PD/1mW )− 20 logωo/(Δω) (3.18)

A summary of the results is given in Table 3.2, and the performance comparison

with recently reported CMOS VCOs is carried out. The comparison reveals that this

work has the lowest power supply and the lowest power consumption while main-

taining a high output power, high power efficiency and an excellent frequency tuning

range. Moreover, the phase noise and FOM are comparable to other state of the arts.

Table 3.2: Performance comparison with previous state-of-the-art VCO designs.

Specifications This
work

[58] [46] [59] [56]

Process CMOS
65 nm

CMOS
0.18μm

CMOS
65 nm

CMOS
0.18 μm

GaAs
0.6 μm

Frequency(GHz) 2.4 2.1-2.7 1.95 2.2-2.4 4.4

Tuning range (GHz)
1.1

0.6 0.4 0.2 0.15

Power supply(V)
0.4

0.9 2.5 0.7 0.9

Power dissipation
(mW) 2.4

2.7 337 5.18 33.3

Output power (dBm)
-0.45

-5.2 22 -10 1.1

Efficiency, η(%)
37.5

11 N/A 1.96 36

Phase noise (dBc/Hz) -108 -122 N/A -125 110

FOM (dBc/Hz) -172 -186 N/A -185 -165

3.7 Summary

An overview of the PA classes were presented and a class-E PA design was discussed in

detail. The requirements and the trade-off between design parameters were reviewed.

A system-level design methodology for a class-E power oscillator was demonstrated.



52

Finally, a complete circuit design of a low voltage class-E oscillator in CMOS 65nm

was presented. The design utilized a class-E PA as the core of the design with a

positive feedback. The oscillator achieved a peak output power of −0.5 dBm and

a peak efficiency of 37.5% under a 0.4 V power supply and frequency tuning range

between 1.66 and 2.7 GHz.



Chapter 4

Design of a 69 Mbps Energy-Efficient Transmitter Based on

a Class-E Power Oscillator

In this chapter, an energy efficient QPSK transmitter suitable for high-quality imaging

for biomedical applications is presented. In addition, a novel technique to achieve a

full phase shift of 360o for phase modulation is proposed and detailed analysis is

discussed along with the derivation of the mathematical equations. The transmitter

is targeting the 2.4 GHz ISM band. In order to reduce the power consumption and

optimize the energy/bit figure of merit, a highly efficient transmitter architecture is

proposed, utilizing a class-E PA not only as an amplifier but as a carrier generator

and as a modulator.

This chapter is organized as follows: Section 4.1 presents a new PM technique

suitable for low-power direct modulation. Section 4.3 describes the circuit design

of the QPSK transmitter and the phase modulation digital circuit design. Section

4.4 discusses the quality of the oscillation and the BER requirements. The layout

recommendations are discussed in Section 4.5. Test plan and fabrication are described

in Section 4.6. In addition, an analysis of the principle of operation is demonstrated.

Section 4.7 presents the measurement results and compares them with the existing

state-of-the-art WSN transmitters. Finally, a summary and discussion are given in

Section 4.8.

4.1 A New Phase Modulation Technique

In a conventional QPSK system, the phase of the carrier is modulated by multiply-

ing the base band signal by the carrier using a quadrature mixer. As explained in

Section 2.1, the carrier phase is adjusted in increments of 90o by selecting one of four

phase-shifts- 0o, 90o, 180oor270o- of the carrier signal to represent the two-bits digital

information per symbol. The transmitter output voltage is simply expressed as a

53
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sinusoidal signal with an instantaneous phase shift (φi) such that:

Vout = Vm cos(ω0t+ φi) (4.1)

Here, Vm is the peak amplitude at the output of the transmitter.

The ability to generate the 360o phase shift is critical in direct modulation trans-

mitters. The up-conversion architecture, although it generates the required phase

shift, it is not suitable for limited power budget application due to the high power

consumption (as explained in Chapter 2). The IL QPSK/PSK transmitters suffer

from limited phase tuning range and usually they need additional circuits to generate

the rest of the 360o. Recall (2.9) the maximum phase shift that can be achieved in IL

is 90o which occurs at weak injection [28]. In [33], an IL LC-oscillator was used in a

QPSK transmitter with a limited phase shift only 90o. An additional circuit (polarity

sweep) was added to generate the rest of the required phase shift. The limited phase

tuning range results from using IL for phase modulation. In another example [36],

sub-harmonic IL pulses were employed to generate phase shift of only 45o. The 90o,

180o and 270o phase shifts were generated from the next three delay cells. As can be

seen, there is a need for an alternative solution that replaces these techniques.

The presented new PM is an alternative technique that relies on the instantaneous

change in the carrier frequency to rotate the phase 360o. To understand the concept

behind this technique, recall the angular frequency (ω) of a periodic system can be

represented as the derivative of the phase with respect to time, i.e. ω = dφ/dt. Thus,

we can represent the instantaneous phase at a time t as

φ(t) =

∫ t

0

ω(t)dt+ φ0. (4.2)

where φ0 is the initial phase at time 0. By assuming the carrier phase φ0 is known

either through synchronization, or by defining a known reference symbol at the be-

ginning of a frame. By assuming a constant instantaneous frequency ωi, the phase at

the end of a transition period Tm is equal to:

φi = ωiTm + φ0 (4.3)

For simplicity, we assume φ0 equals to zero. For the i-th symbol, the equivalent
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phase is φi is given by:

φi(rads) = ωiTm = ±k
π

2
(4.4)

Where ωi = 2πfi is the instantaneous frequency. The PM can be derived as

follows:

φi = 2πfiTm (4.5)

As presented in (4.5), there are two degrees of freedom to modulate the phase: the

first is by using the instantaneous frequency fi, the second is by using the transition

period Tm. This technique provides flexibility in achieving the phase rotation in terms

of the frequency change and the transition time. In the following sections, we will

discuss the PM using these two degrees of freedom.

4.1.1 Phase rotation using instantaneous frequency

For a transition period equals to the period of the carrier frequency Tm = 1/fc, the

instantaneous phase φi can be found as:

φi =
2πfi
fc

(4.6)

By rotating the phase in 90o increment: (±kπ)/2, where k = 1, 5, 9, · · · , thee
required fi can be found as:

fi =
1

4
fc,

5

4
fc,

9

4
fc, · · · (4.7)

To achieve a 180o or ±kπ phase shift, the required fi is:

fi =
1

2
fc,

5

2
fc,

9

2
fc, · · · (4.8)

To achieve a 270o or ±(3kπ)/2 phase rotation, the required fi is:

fi =
3

4
fc,

15

4
fc,

27

4
fc, · · · (4.9)
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This is demonstrated in Fig. 4.1 which shows the relationship between the instan-

taneous ratio(fi/fc) and the achieved phase shift with respect to k. For a 2.4 GHz

nominal frequency, the required instantaneous frequencies to achieve the 360o phase

shift as a function of a varactor control voltage is illustrated in Fig. 4.2. As can be

seen, the phase shift increases linearly with the control voltage. Note, the ratio fi/fc

is increasing linearly over a 360o phase range.

4.1.2 Phase rotation using transition period

The transition period Tm is chosen here to rotate the phase. When the transition

period equals to one period of the carrier frequency Tm1 = 1/fc, the required instan-

taneous frequency to rotate 90o can be found as:

fi =
1

4
fc,

5

4
fc,

9

4
fc, · · · (4.10)

When Tm equals to twice the period of the original clock Tm = 2Tm1 = 2/fc. The

required fi to achieve a 180o phase shift is found as:



57

0

0.5

1

1.5

2

2.5

3

0

60

120

180

240

300

360

420

0 0.3 0.6 0.9 1.2 1.5

In
st

an
te

no
us

 fr
eq

ue
nc

y 
(G

Hz
)

Ph
as

e 
sh

ift
 (D

eg
re

e)

Control voltage (V)

phase shift
inst. freq

Figure 4.2: The characterization of the frequency and phase shift as a function of a
varactor control pulse.



58

Tm1 2Tm1 3Tm1

90   180   270   fc@Vctr1
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Figure 4.3: The waveform of PM using transition period tuning.

fi =
1

4
fc,

5

4
fc,

9

4
fc, · · · (4.11)

When Tm equals to triple the period of the original clock Tm = 3Tm1 = 3/fc. The

required fi for 270
o phase shift is found as:

fi =
1

4
fc,

5

4
fc,

9

4
fc, · · · (4.12)

Note (4.10), (4.11) and (4.12) require the same fi for (90
o,180o and 270o) phase

shift. This is a very interesting characteristic where increasing the PM pulse width

will increase the phase shift without increasing fi. Fig. 4.3 illustrates the time

domain representation of the required pulse width. Indeed, this technique maintains

small fi during phase rotation and this is important advantageous at circuit level

implementation. Fig. 4.4 demonstrates the phase modulation using the proposed

technique and the required instantaneous frequency change fi/fc.

In practice, the selection of fi and Tm are defined by the circuit parameters of

the carrier generator. However, a large frequency shift requires a large capacitor

bank to be integrated and more die area. We will discuss all the requirement and

the consideration to implement the circuit design for PM technique in the following

section.
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4.2 System Level Consideration for The Transmitter Design

The new PM technique (using Tm control) is applied to the class-E power oscillator

for direct modulation. Since the operating frequency is a 2.4 GHz ISM band and

from (4.7), we select the fi/fc ratio to be 5/4, hence, the required instantaneous

frequency fi is 3 GHz. To adjust the operating frequency of a resonant LC circuit, the

resonant capacitor should fluctuate between two values (Ci, Cc) to meet the associated

frequencies fi and fc that can be found as:

fi =
1

2π
√
Lres Ci

(4.13)

fc =
1

2π
√
Lres Cc

(4.14)

Where Lres is the resonant inductor, Cc is the value of the capacitance at nom-

inal resonant frequency fc and Ci is the instantaneous value at the instantaneous

frequency fi. Circuit topology and design requirement determine which degree of

freedom (fi or Tm) to be used for PM control. The transition period is selected

carefully to keep the capacitor ratio (Cc/Ci) within reasonable range.

To achieve a 90o phase shift, the required Cc/Ci is:

Cc

Ci

=
1

16
,
25

16
,
81

16
(4.15)

We select the Cc/Ci ratio equal to 25/16 or 1.56 to allow the frequency to vary

between 2.4 GHz and 3 GHz. To account for any non-ideal effects and PVT variation,

the oscillator tuning range is extended to 1.95 GHz and 3.3 GHz.

Figure 4.5 depicts the required capacitance change ratio Cc/Ci to generate the

360o phase rotation. It clearly indicates that a very small capacitor change is needed

to achieve the required phase shift.

4.3 QPSK Transmitter Design

A prototype of the energy efficient QPSK transmitter is designed, implemented and

tested in this research. This transmitter employs direct modulation architecture for

low energy consumption.
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The transmitter block diagram is depicted in Fig. 4.6. The transmitter is synchro-

nized (locked) to the external clock (Vsynch) of a 2.2 GHz for a very short period of

time, in which this refrence is used to generate an accurate symbol clock of 34.4 MHz

to meet the 69 Mbps data rate. The synchronization process is enabled/disabled by

an external clock (Vc,inj).

The transmitter circuit consists of a class-E power oscillator and a digital control

circuit for PM and synchronization. The class-E power oscillator generates the RF

carrier of a 2.4 GHz ISM band. A self oscillating class-E PA is employed to design a

class-E power oscillator. The directly modulated power oscillator rotates the phase

of the carrier frequency to represent two bits of binary data. The transmitter radi-

ated power is around -6.8 dBm. The digital control circuit manages the PM pulse

generation for QPSK modulation and provides data serial interface.

Figure 4.7 represents the simulation results for a QPSK system with a symbol

rate equal to Ts and a carrier frequency equal to fc. Note, to evaluate the transmit

symbol sequence, one must sample the carrier phase after the instantaneous change

of frequency (indicated by red markers).
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Figure 4.6: The block diagram of the transmitter architecture.

Figure 4.8 shows the relationship between the input two-bits code and the pulse

width associated with phase shift for a 2.4 GHz oscillation frequency and a clock

period equal to 416 ps. When input data is 01 the PM pule width is 416 ps, for 10

the pulse width is 832 ps and for 11 the pulse width is 1248 ps.

In the following sections, each block of the transmitter design is discussed in detail

along with simulation and measurement results.

4.3.1 The Power Oscillator Design

A high frequency tuning range (2.4 GHz to 3 GHz) is required to implement the

proposed technique for PM; however, the frequency tuning range is directly related

to the gain as explained in Chapter 3. The extended tunability comes at the price

of limited gain. To overcome this problem, a class-D driver is used as a pre-amplifier

to sustain the oscillation. The block diagram of the proposed oscillator design is
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Figure 4.7: System simulation of the transmit waveform for a set of digital symbols.
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Figure 4.8: The required transition time (Tm) for PM of two-bits input code and the
clock period equals to 416 ps.
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Figure 4.9: The feedback model of class-E power oscillator.

depicted in Fig. 4.9. Network A includes two stages: the class-E PA and a class-D

as a pre-amplifier stage which is responsible for providing the required (2πn) phase

shift to sustain the oscillation. The network β is unity.

Fig. 4.10 shows the closed-loop system of the power oscillator. The class-E PA

is modeled as a transconductance (−Gm2) amplifier and a series RLC circuit with an

equivalent impedance (Z(s)). The class-D driver is modeled as a (−Gm1) and the

loop gain can be found as:

Gloop(s) = Gm1Gm2
R

Lres

s

s2 + (R/Lres)s+ 1/(LC)res
(4.16)

The closed-loop transfer function is:

vout(s)

vin(s)
=

Gm1Gm2
R

Lres

s
s2+(R/Lres)s+1/(LC)res

1−Gm1Gm2
R

Lres

s
s2+(R/Lres)s+1/(LC)res

(4.17)

vout(s)

vin(s)
=

Gm1Gm2
R

Lres
s

s2 + ( R
Lres

)s[1−Gm1Gm2] +
1

(LC)res

(4.18)

The closed-loop complex-conjugate poles are:

S1,2 =
−( R

Lres
)(1−Gm1Gm2)± 2

√
( R
Lres

(1−Gm1Gm2))2 − 4
(LC)res

2
(4.19)

The root locus plot is used to show the trajectory of the closed-loop poles in the
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Figure 4.11: The root locus analysis of a class-E power oscillator for closed-loop poles
location.

complex s-plane. When Gm1Gm2
R

Lres
> 1, the poles have a positive real part and are

located on the right half of the s-plane. When Gm1Gm2
R

Lres
= 1, the poles only have an

imaginary part and are located directly on the imaginary axis. When Gm1Gm2
R

Lres
<

1, the poles have a negative real part and are located on the left half of the s-plane.

Fig. 4.11 illustrates the root locus analysis of the power oscillator. Gm1Gm2
R

Lres
has

to be greater than 1 to start oscillation where the oscillation amplitude starts to

grow exponentially. Due to the MOSFET nonlinearities, the poles will go back to the

imaginary axis and the oscillation reaches the steady-state.

The schematic of the oscillator is displayed in Fig. 4.12. It is comprised of a self

oscillating class-E PA and a class-D driver utilizing a positive feedback. The class-E
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Figure 4.12: The schematic diagram of a class-E power oscillator.
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Table 4.1: The dimension of Power Oscillator Circuit.

Device size

Lchocke1 4 nH

Lchocke2 4 nH

Lres 0.88 nH

Cfix 0.1 pF

Cvar 1-1.8pF

Lbias 100 nH

Vbias 0.6 V

Rload 50 Ω

Vdd-PA 0.4 V

Vdd-DRV 0.6 V

PA includes a choke inductor Lchoke1 and a common source MOS device (M1). The

class-D driver includes a choke inductor Lchoke2 and a common source MOS device

(M2). In order to provide a DC bias Vbias forM2 , a large off chip inductor Lbias is used

to provide a DC path to ground. Lbias was selected carefully to be large enough so no

current flows in but not very large to prevent oscillation. Lbias =100nH, Vbias=0.4 V.

A series resonant circuit (LresCfix) tank along with parallel dual varactors Cvar

were used for direct modulation. Table 4.1 summarizes the dimensions and the values

of the class-E power oscillator circuit.

The selection of M1 is limited by the trade-off between the small ron (recall (3.6))

and the small drain capacitance Cdrain (recall (3.5)). Although increasing M1 size

reduces the resistive losses of the switch, it limits the maximum operating frequency

of the PA due to the growing size of the drain parasitic capacitor with the width of

MOS device. The optimum width in our design is 60 μm and the power supply is 0.4

V to limit the drain swing.

A class-D driver is utilized to provide the required input power. The selection of

transistor M2 size depends on the required Vgs and the PA drain current. From the
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Figure 4.13: The simulation results of the drain current of the power oscillator.

power consumptions constraints, we select the drain current and the Vgs voltage to

be around 3 mA and 0.5 V respectively. Fig. 4.13 shows the characteristics of the PA

drain current and the switching behavior. The size of M2 is 60 μm operating under

0.6 V power supply.

Metal-Insulator-Metal (MIM) capacitor is used to implement Cfix. MOS varactor

Cvar varies between 1 pF to 1.5 pF. The total effective resonant capacitance varies

between a nominal value Cc at nominal resonant frequency fc and an instantaneous

capacitance value Ci at an instantaneous frequency fi as:

Cc = Cfix +
Cvarmax

2
(4.20)

Ci = Cfix +
Cvarmin

2
(4.21)

(4.20) and (4.21) are used to determine the LC tank values. With Ci/Cc = 1.7,

Lres equals to 0.88 nH and Cc equals to 1 pF by including the bonding pad capacitance

equals to 0.5 pF and the parasitic inductance equals to 2 nH.
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Table 4.2: Power consumption breakdown.

Circuit block
power consumption
(mW)

Class-E power amplifier 0.8 , Vdd=0.4V

pre-amplifier 2.1 , Vdd=0.6V

Total 2.9

The optimum load was found to be 66 Ω for targeting peak output voltage of 0.3V

and output power of 0.3 mW. Since the structure of the PA is single ended, and to

avoid the losses associated with the matching network, the output load is selected to

be 50 Ω.

Table 4.2 summarizes the breakdown of the power consumption and the total

power consumption with a 2.9 mW. The transmitter achieves an energy efficiency

of 42 pJ/bit at a data rate of 69 Mb/s. The oscillator phase noise at 1 MHz offset

frequency from the carrier frequency is -125 dBc/Hz as shown in Fig. 4.14. The

phase noise during locking is demonstrated in Fig. 4.15 and as can be seen, the noise

performance improved with −155 dBc/Hz.

4.3.2 Synchronous Transmission

Fig. 4.16 presents the circuit architecture of a synchronized class-E power oscillator.

To apply the new phase modulation technique at the RF front end, a synchronization

with a refrence tune is important. An external clock (Synch-Clk) is used to maintain

the synchronization between the carrier and symbol clocks (this will be explained

in Section 4.3.3). The external reference tone is used to ensure a very accurate

symbol clock. Periodically, the external clock is injected to the oscillator to maintain

frequency lock. To facilitate this synchronization, an additional MOS device, M3, was

added to the power oscillator circuit with a small size 10 μm and a digital multiplexer

to control the gate of the injecting device using (Vinj).

IL is applied to lock the transmitter to a 2.2 GHz. This allows re-synchronization,

after the frequency shift (during PM) and enables coherent transmission of each sym-

bol which provides an additional performance improvement in the communication
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link. The injected tone is enabled using a digital control signal (Vc,inj). Vinj periodi-

cally locks the system for a very short period of time. Synch-Clk is turned off during

the PM as illustrated in Fig. 4.17.

The injection signal is enabled only for a short period of time before the next sym-

bol is transmitted. The transmitter has two modes of operation: the free running and

the locking which are demonstrated in Fig. 4.18. This operation ensures frequency

and phase lock. During the PM, the transmitter is free running (no locking) and Vinj

signal is disabled. During the lock and at the beginning of each symbol transmission,

the oscillator output phase is reset to an initial phase φ0. In the literature, IL was

used in implementing PM in [33],[10],[9], where the phase relationship between the in-

put injected signal, output signal and the locking range are defined in [28] (see (2.9)),

while in this work, IL is employed to maintain synchronization. A very small locking

range (ω0 −ωinj) equal to 1.18 Grad/s and a fast locking time (TLock) equal to 0.8 ns

is achieved. In our design, an initial phase φ0 ( which results from IL) is introduced.

This phase offset is equal to ∓12.4o which has no effect on the required ∓90o phase

shift. This phase offset is eliminated at the receiver end through the carrier-data

recovery loop and does not impact the performance of the QPSK transmitter.

4.3.3 The digital Circuit Design for PM Pulses

Using our new PM technique that was explained in the previous sections, the circuit

design for the PM clocks and pulses is presented. Fig. 4.19 depicts the digital part of

a QPSK transmitter which includes: a pulse generator circuit using a refrence signal,

a serial to parallel interface of the input data and a DC level selector. The digital

circuitry is implemented using TSMC 65 nm standard cells, A Spectre simulation of

the digital circuit transient behavior is run. In the following subsections, each block

is discussed in details. A power supply of 0.7 V is used to reduce the leakage power.

Recall, the static power in CMOS inverter circuit can be found as:

Ps =
∑

Ileakage X Vdd (4.22)

where Ileakage is the total leakage current in CMOS devices and it ranges between

10μ A and 40μA. The estimated static power consumption for 15 inverter stages with

a leakage current of 10μ A is equal to 150 μ W.
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Figure 4.16: The complete circuit design of the synchronized power oscillator.

Figure 4.17: The simulation results of the IL enable/disable clocks.
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Figure 4.19: The block diagram of the digital circuit implementation of our new
technique for phase rotation.
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Figure 4.20: The frequency division digital circuit design.

Clock Division

Sync-Clk is used to generate an accurate symbol clock (Symbol-clk) of a 34.4 MHz

using frequency division by a factor of 64. The frequency division is illustrated in Fig.

4.20. It consists of three high speed stages (divided by 8) and three low speed stages

(divided by 8). The high speed and the low speed stages consist of three identical

(divided by 2) synchronous D-Flip-Flop stages. Fig. 4.21 shows the transient analysis

for the divide by 2, 4, 8 signals for the fast and the slow tracks.

Binary to Thermometer Converter

In order to convert the two QPSK binary signals [1 : 0] into pulses that can be used

in PM, the data is converted to thermometer code as shown in Table 4.3, then, it

is loaded in parallel to an 8-stages shift register. At the beginning of each symbol

period, the shift register output is serially streamed out. Fig. 4.22 shows the digital
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Figure 4.21: The transient analysis of the two tracks (fast and slow) frequency division
to generate the symbol clock.

Table 4.3: QPSK input data and PM pulse width

Binary Thermo

00 000

01 001

10 011

11 111
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Figure 4.22: Circuit design of binary to thermometer converter.

Figure 4.23: The transient analysis of the binary to thermometer converter.
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circuit of the converter. The transient analysis of the two binary input bits and the

three thermometer output bits are illustrated in Fig. 4.23.

Variable Pulse Width Generator

The pulse generator is designed to generate short pulses for PM (Vcontrol). Table

4.4 presents the relationship between the serial two binary bits, the three parallel

thermometer bits, and the associated PM pulse width. When the input data is 01,

the phase is rotated 90o and the pulse width is set to 0.41 ns (one period of the carrier

generator). When the input data is 10, the phase is rotated 180o and the width is set

to 0.83 ns (twice the period of the carrier generator). When the input data is 11, the

phase is rotated 270o and the pulse width is set to 1.23 ns (triple the period of the

carrier generator).

To allow the selection of two different frequencies (2.4 GHz and 3 GHz), two DC

control voltages Vctr1, and Vctr2 are provided externally where Vctr1 equal to 0.6 V and

Vctr2 equals to 0.9 V. A transmission gate controlled by the pulse generation circuitry

is used to select the voltage to be fed to the varactor. Note that the transmission

gate must be sized carefully to drive a large capacitive load. Fig. 4.24 shows the

schematic of the pulse generator and the DC voltage selection. Fig. 4.25 illustrates

the transient response of QPSK two bits and Vcontrol.

Table 4.4: QPSK input data and phase modulation pulse width.

Binary Thermo Pulse-width

00 000 0

01 001 0.41 ns

10 011 0.83 ns

11 111 1.23 ns

4.3.4 Transmitter Two Modes of Operation

Fig. 4.26 shows the transmitter two modes of operation: the free running mode (PM

mode) and the locking mode (no PM). The complete operating sequences and the

input QPSK data are demonstrated which include the following: Vinj, QPSK< 1 >,
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Figure 4.24: The circuit design of the pulse generator and the DC selection.
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Figure 4.25: The transient analysis of the PM control pulses for 2-bits symbol.
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Figure 4.26: Time domain analysis for IL synchronization (enable-inj), symbol clock
and modulation pulse (Vcontrol).

QPSK< 0 >, Symbol-Clk and Vcontrol. The transmitter is locked to a refrence signal

for a very short time and runs free during PM at a symbol clock equal to 34.4 MHz

to achieve a data rate of 69 Mbps. Note, the modulation pulse Vcontrol is applied at

the free running mode (the Vinj signal is disabled) as presented in Fig. 4.27 for the

QPSK output signal. Fig. 4.28 shows the zoom-in result of the transmitter output

signal during the PM.
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Data=01 Data=11 Data=10 Data=01 Data=11 Data=10

Figure 4.27: The Simulated output QPSK signal when data rate is 69 Mbps.
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Figure 4.28: The zoom-in view for the output QPSK signal when input data is 01.
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4.4 EVM Considerations

Since the quality of the transmitter is highly dependent on the quality of the carrier

such as PVT variations, the robustness of the oscillator is examined. The class-E

oscillator can be tuned between 1.99 GHz and 3.3 GHz when the DC voltage varies

between 0 V to 1.5 V. Note, the required tuning range to implement the new PM

technique is between 2.4 and 3 GHz. We extend the operating frequency ±17% to be

between 1.99 and 3.3 GHz to compensate for the PVT variation.

The process variation effect on oscillation frequency is depicted in Fig. 4.29(a),

the results specify that a frequency deviation is between 10-20% for the two extreme

corners slow-slow (SS) and fast-fast (FF). The simulation results in Fig. 4.29(b) show

that for a ∓10% power supply variation, the frequency offset is 1− 12%. Regarding

temperature variations, the simulations indicate that within the temperature range

of 0oC to 100 oC, the frequency offset is 2 − 7% as illustrated in Fig. 4.30. The

oscillator is robust to ∓20% frequency deviation due to PVT variations.

Based on the frequency resolution, the RMS phase error can be found as in (4.23).

For a small phase error (assuming negligible amplitude error), EVM is mainly domi-

nated by the phase error and can be estimated as the following:

θerror = 2πΔ(
fi
fc
) (4.23)

EVMrms � sin θerror (4.24)

For the worst case of 20% of the frequency offset Δ(fi/fc) due to PVT variation,

the phase error equals 6.28o and the equivalent EVM equals 10.93%. To achieve a

row BER better than 10−4, an EVM better than 23% is required with a phase error

equals to θerror < 13.2o. That means the estimated EVM meets the requirement with

a good margin.

4.5 Some Layout Issues

The proposed transmitter has been implemented in 65nm CMOS technology. The

complete layout of the transmitter is shown in Fig.4.31 where it occupies an active
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Figure 4.31: The fully integrated QPSK transmitter layout.

area around 600 μm X 600 μm. Our transmitter design is a mixed signal circuit,

therefore extra care was taken in the layout. Electro-static discharge (ESD) protection

is applied to all power rails to provide a DC discharge path to ground. The ESD

protection is implemented using a P-N diode that is connected as shown in Fig.

4.32(a).

The digital and the analog blocks were isolated from each other to reduce the

noise coupling. In addition, guard rings ( which include P or N oxide layers and a

metal one with many contacts) were used to isolate the analog and the digital circuit.

The power supply and the ground are separated for the digital and the analog parts.

Regarding the analog part, multiple power supply pads are added so that each block

can be tested individually as demonstrated in Fig. 4.32(b). For the transistor layout,

multiple fingers were used to minimize gate resistance and noise.

The chip resources were divided into three categories power, grounds and RF. It

includes seven RF output pads, seven power supplies and ten grounds with bypass ca-

pacitors for supply lines. The ground plane includes the metal layersM1,M3,M5,M7,M9.

The power plane includesM2,M4,M6,M8 which are used to maintain a uniform metal

density in the chip. The I/O pads definitions are listed in Table.4.5.
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DVDD: Digital power supply 

Figure 4.32: Conceptual diagram for the mixed signal layout techniques (a) ESD
protection (b) I/O pads.
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Table 4.5: I/O Pads definitions.

I/O pads Function

VDD DRV Driver power supply ( 2 pads )

EN INJ Enable clock

CLK IN RF input synchronous signal

RST Reset clock

DVDD Digital power supply

CLK SYMB Vcontrol pulses (output)

QPSK< 1 > Input data (bit 1)

QPSK < 0 > Input data (bit 2)

VCTR1 DC voltage 1

VCTR2 DC voltage 2

VOUT RF output voltage

VDD PA PA power supply ( 2 pads )

GND Ground

4.6 The Test Plan

The fabricated RF integrated circuit is packaged in a ceramic flat pad (CFP) and

all the measurements have been performed on a packaged chip using a 24-Pin CFP

(CFP24TF) printed circuit board test fixture shown in Fig. 4.33 which has short bond

wires and this in turn reduces wire parasitics. The CFP24TF utilizes a 4-layer board

with the outer layers separated from ground planes by a low-dielectric and low-loss

material. The board resources are divided into three categories: power, grounds and

RF lines.

The input pulses EN INJ,RST and RF input refrence CLKN IN were generated

by Agilent technology E4438C and 33250A signal generators. Fig. 4.34 shows the

complete test setup for the device under test. The internal pseudo random bit signal
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Figure 4.33: The prototype transmitter chip mounted on the RF testing fixture with
all the inputs connected.

(PRBS) data sequences from BERT 200 transceiver (shown in Fig. 4.35) is applied

to the transmitter. An Agilent N9342C spectrum analyzer is used to measure the

output spectrum.

4.7 The Experimental Results

The QPSK transmitter is fabricated in 65 nm CMOS technology with a die area of

1mm2 as shown in Fig. 4.36. A couple of the packaged chips were damaged during

the measurements and the following reported results are from three chips.

First, the characteristics of the power oscillator were verified. Fig. 4.37 shows the

simulated and the measured operating frequency for the three characterized chips.

Note, the measured frequency range is different from the one in simulation results

which is mainly due to the parasitic capacitance of the test-setup and the packaging.

This deviation in frequency can be adjusted by the varactor control voltage.

Fig. 4.38 shows the output peak voltage simulation and measurement results as

a function of frequency. The difference between the simulation and the measurement
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Figure 4.34: The test setup for the transmitter prototype.
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Figure 4.35: Input PRBS sequences used in testing the transmitter.

Figure 4.36: The proposed QPSK transmitter die photograph.
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Figure 4.38: The measured and the simulated peak voltage comparison of the fabri-
cated transmitter.

results is mainly due to the losses that result from the voltage drop on the parasitic

and coupling capacitors due to bonding-wires, packaging and PCB traces.

Fig. 4.39 shows the measurement results of the QPSK transmitter global efficiency

(which is the output power divided by power consumption). As can be seen, the

efficiency is higher than 10% and 20% at 2.4 GHz and 3 GHz respectively. There is a

negligible variation in the DC power consumption, however, the differences between

the results of different chips are related to process variation effect.

Fig. 4.40 and Fig. 4.41 show the captured oscillator output voltage signals on

the oscilloscope. In these figures, the frequency is approximately 2 GHz and 2.4 GHz

respectively. The peak-to-peak voltages are 60 mV and 99 mV respectively. Fig.

4.42 shows the captured QPSK output signal on the oscilloscope. In this figure, the

measured modulated signal is 186 mV peak-to-peak to achieve a 69 Mb/s of data-rate.

Unfortunately, we couldn’t import the data to compare them with simulation results

shown in Fig. 4.25.

At the frequency domain, the transmitter performance is characterized using a

signal analyzer to measure the power spectral density (PSD) of the transmitter. Fig.

4.43 demonstrates the measured un-modulated output spectrum of the carrier at -6.7
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Figure 4.40: The captured power oscillator output voltage at time domain.

dBm output power. As can be seen, the center frequency doesn’t fit exactly between

2.4 GHz and 2.48 GHz of the ISM band. This can be adjusted using the control

voltage. Fig. 4.44 shows the modulated output spectrum of the carrier of -6.82 dBm

output power at 69 Mbps data rate.

The prototype transmitter performance and the experimental results are summa-

rized and are compared with other similar multi-PSK transmitters in Table 4.6. The

prototype transmitter achieves the highest data rate with the lowest power consump-

tion, resulting in a good energy/bit performance. The complete QPSK transmitter

consumes only 2.9 mW. It achieves an energy efficiency of 42 pJ/bit at a data rate of

69 Mb/s.

FOM =
Pout.Data rate

Power consumption
(μW.

bit

nJ
) (4.25)

Note that most of the transmitters listed in the comparison table have a limited

output power between -9 to -15 dBm. Due to the lower output power, their overall

transmitter power efficiency are limited. We have achieved a high global efficiency of

13% at 2.4 GHz and 23% at 3 GHz. In addition, this transmitter still compares favor-

ably to other relative works even when we adopt the commonly used figure of merit

(FOM) [60] found in (4.25). We achieved the best FOM of 5882 μW.bit/nJ . Finally,
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Figure 4.41: The captured oscillation frequency of the power oscillator at time do-
main.

200mV (p-p)

Figure 4.42: The captured QPSK modulated output signal at a data rate of 69 Mbps.
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Figure 4.43: The measured transmitter un-modulated PSD.
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Figure 4.44: The measured transmitter modulated PSD.
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Table 4.6: A Performance Summary and a Comparison with Other Transmitters.

Specification [35] [32] [43] [36] [34]
This
Work

Frequency(MHz) 400 915 2400 400 400
2400

Data rate (Mbps) 17.5 50.8 1 12.5 20
69

Supply voltage
(V)

1.2-1.8 1.8 1.8 0.9 0.9
0.4

Tx global effi-
ciency (%)

4.2 N/A 17.4 1.16 6.8
23

Modulation QPSK QPSK FSK PSK PSK
QPSK

Power Consump-
tion(mW)

3.5 5.9 3.7 2.57 2.2
2.9

Output
power(dBm)

-8 N/A -5.7 -15 -8
-6.8

Energy/bit(nJ/bit) 0.2 0.116 3.7 103 110-440
0.042

FOM 2013 1250 54 146 1363
5882

Technology(nm) 180 180 130 65 65
65

Core area(mm2) 0.06 0.024 N/A 0.4 0.23
1

Fig. 4.45 compares this work with other low-power transmitters in terms of the data

rate and the power consumption. It clearly shows that we achieved the highest data

rate and the best energy efficiency among QPSK transmitter architectures for WSN.

We couldn’t measure EVM nor capture the constellation diagram because we did

not have a spectrum analyzer in our lab nor in our university. However, the EVM

was estimated from the measured oscillation frequency as in (4.23). The estimated

EVM is around 10.93% which still meets the BER requirement.

The testing and measurements are a challenging part of the RF circuit implemen-

tations and verifications due to many reasons, such as, the luck of certain testing

equipment and RF cables or even the logistics during the experiments due to long

term construction in the university.
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4.8 Summary

An energy-efficient QPSK transmitter is presented. This transmitter is suitable for a

short range biomedical imaging application and operates at 2.4 GHz with a data rate

of 69 Mbps and transmitting power of -6.8 dBm. A new PM technique is presented

and a detailed analysis is discussed along with the derivation of the mathematical

equations.

A class-E power oscillator is the core of the design which is directly modulated

to simplify the design and to reduce the power consumption. The performance of

the class-E transmitter which is fully integrated in CMOS technology could be one

of the choices for wireless transmission in BAN, WSN or portable applications with

achieved energy/bit of a 42 pJ/bit and a 2.9 mW power consumption.

The transmitter’s global efficiency at 2.4 GHz is between 7% and 13% at 2.4 GHz

and between 18% and 23% at 3 GHz with a 0.4 V power supply. The class-E VCO is

tunable between 1.9 GHz and 3.3 GHz. The class-E VCO is robust to ∓20% frequency

deviation due to PVT variations and the phase noise performance is between -115

dBc/Hz to -125 dBc/Hz.

The achieved performance of the implemented transmitter was compared with

similar state-of-the-art transmitters showing a significant improvement in data rate,

power consumption and efficiency.



Chapter 5

The Design of a Reconfigurable and Instantaneous Triple RF

Band Energy Harvester

This chapter presents an autonomous energy harvester that is able to perform high

RF power tracking to maximize the harvested DC power and to enhance efficiency

[26]. The harvester has a tunable matching network that varies the input impedance

of the main rectifier between 900 MHz and 1.2 GHz while the second rectifier harvests

from 2.4 GHz band. The results show a peak efficiency of 57%, 43% and 33% at 2.4

GHz, 900 MHz and 1.2 GHz respectively. This work is part of a second chip that

includes an RF-powered transmitter. The lack of funding prevented the fabrication

of the prototype. However, all the results included in this chapter are post-layout.

This chapter is organized as follows: Section 5.2 provides a system overview of

the proposed architecture. Section 5.3 discusses the system level considerations of

the harvester design. Section 5.4 presents the model of a dual RF band harvester.

In Section 5.5, the circuit design of the control loop is presented. In Section 5.6, a

detailed methodology of the proposed dual RF-band matching network is presented.

In Section 5.7, the circuit design is described. The simulations result and a discussion

are presented in Section 5.9. Finally, the conclusions are formalized in Section 5.10.

5.1 Introduction

In order to facilitate the next generation of WSN, unlimited life time and a small

footprint are required. As explained in Chapter 1, RF scavenging is the best candidate

for a fully integrated energy harvesting system for non-invasive application. The RF

energy is available from different communication services such as TVs, cell phones and

radios which is distributed over a frequency range between 900 MHz and 2.4 GHz.

However, this energy is limited due to the free space attenuation as well as other

losses in the wireless channel such as multi-path, fading, reflection and absorption.

Recall that the free space loss (LP ) is a function of the distance between the source

104
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of the RF signal and the device as given by the Friis equation in [16].

LP = (
4πd

λ
)2 (5.1)

Where λ is the wavelength and d is the distance from the radiating source. In

order to take full advantage of the available RF wide band, selection should be made

based on the amount of available RF power. A multi-band energy harvester is a

feasible solution to extend the bandwidth and to provide multiple power sources.

Furthermore, it is possible today to design a dual or multi band RF rectifier using a

single antenna thanks to the different architectures reported in the literature for the

dual band antenna [61–63]. These structures opened the door for an area-efficient

simultaneous multi band RF harvesting without the need for multiple antennas. The

power conversion efficiency (PCE) is a very important figure of merit. The PCE

is determined by the harvesting frequency, the input RF amplitude and the loading

conditions. In the literature, many works have been reported to improve the efficiency

by reducing the MOS threshold voltage [64–68]. In fact, a high of 80% and 85% PCE

are reported in [65],[68] due to the lowered threshold voltage. However, these high

efficiencies are achieved at high input voltages (3 V) and (4.5 V) respectively. Lower

efficiencies are reported for lower input voltages [66], [67]. In a real environment,

the RF power suffers from many losses as we mentioned before. Therefore, there is

a need to track the high-power RF band to improve the efficiency. Recently, several

designs were reported for multi RF band harvesting system [69],[70],[66]. In [69],

a simultaneous dual band energy harvester is presented. The design uses a pre-

set biasing network to reduce the threshold voltage. It uses an array of large off-

chip resistors and capacitors that limit the efficiency to 9.1% at 900 MHz and 8.9%

at 2 GHz. In [66], the proposed structure did not harvest from dual RF bands

simultaneously and did not generate multiple voltage sources. In fact, only a single

source at each allocated frequency was presented.

5.2 Triple-Band Energy Harvester

The proposed solution relies on the extraction of the DC power from three radio waves

that are transmitted by three separated hubs that provide strong and reliable power
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Figure 5.1: System overview of the proposed RF energy harvester.

at 900 MHz, 1.2 GHz and 2.4 GHz bands respectively.

Fig. 5.1 shows the block diagram of the RF harvester with a control loop and a

tuning matching network. The control loop improves the harvester robustness and

tracks the maximum RF power.

The harvester is comprised of two converters: the main rectifier (REC I) and

an auxiliary rectifier (REC II) that simultaneously converts the RF power of 900

MHz, 1.2 GHz and 2.4 GHz to DC voltages. The harvested power from REC I is

accumulated at a large storage main capacitor (Cchar) to provide the required energy

to power-up our main circuit, while REC II stores the accumulated power at the

capacitor (Cchar2) to power the control loop. The system begins the operation of

both converters simultaneously. The selection of the operating frequency depends on

the availability of the RF power to maximize the harvested DC power and to increase

the PCE.
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5.3 System Level Consideration

Since the harvested power is accumulated at storage capacitors, the harvester has

three phases of operations. Fig. 5.2 illustrates the three regions of operation where

the output voltage is a function of time. The first region represents the charging

phase (Charging I) when there is no initial energy and the two rectifiers’ voltages

increase with time until they reach a predefined voltage (VH). In the second region

(Discharge), the load currents are drawn and Cchar and Cchar2 discharge during the

active time until they reach a predefined voltage (VL). The third region represents

the second charging phase (Charging II) from the previously accumulated voltage VL

until it reaches VH again.

The stored energy is proportional to (VH − VL) and the size of Cchar and Cchar2

are shown in (5.2) and ( 5.3). Using large Cchar increases the stored energy but it also

increases the charging time. Higher (VH − VL) increases the stored energy without

increasing the charging time. Note, the discharge speed is higher than the charging

speed. Also, the active time is dependent on Cchar, VH , VL and the total current

drawn by the system (see (5.6)).

Since the target application is the RF powered wireless sensor node, the required

energy depends on the DC power consumption of the node and the active operating
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Table 5.1: System level specifications for the Triple RF Band Energy Harvester.

Specifications Target

Harvesting bands (GHz) 0.9, 1.2, 2.4

Output voltage (V) 2.3

Load current (mA) 2

Charging time (ms) 0.2

Main charging capacitor (nF ) (Cchar) 200

Active Time (ms)(REC I) 0.12

Auxiliary charging capacitor (nF)(Cchar2) 100

Active Time (ms)(REC II) 0.42

time. The required harvested power is approximately 4 mW with a load current equal

to 2 mA. In this work, VH = 2.4 V and VL = 1 V . Table 5.1 summarizes the design

specifications.

ERECI =
1

2
Cchar(V

2
H − V 2

L ) (5.2)

ERECII =
1

2
Cchar2(V

2
H − V 2

L ) (5.3)

Iload1 = Cchar
dvrec
dt

(5.4)

Iload2 = Cchar2
dvrec
dt

(5.5)

Tactive1 =
Cchar(VH − VL)

Iload1
(5.6)

Tactive2 =
Cchar2(VH − VL)

Iload2
(5.7)
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5.4 Modeling the Dual Band RF Harvester

Fig. 5.3(a) represents the block diagram of the dual band harvester model where REC

I resonates at (ω1) and REC II resonates at (ω2) in a way that ω2 = 2.67 ω1. Each

converter is represented by a parallel resistor and capacitor as demonstrated in Fig.

5.3(b). At ω1, the impedance of REC I Z1(ω1) is purely resistive R1 and it matches

the antenna impedance. For REC II which does not resonate at ω1 , the impedance

is not purely resistive, and does not match the antenna impedance. Similarly, at ω2,

REC I does not resonate at ω2, the impedance is not resistive and does not match

the antenna impedance, while for REC II, the impedance is purely resistive. From

Fig. 5.3(c), The impedance of each converter at ω1, ω2 are expressed as the following:

Z2(ω1) = R2 − 2.23jQ2R2 (5.8)

Z1(ω2) = R1 + 2.23jQ1R1 (5.9)

Our analysis shows that input impedance of each converter Z1 and Z2 observed at the

non-resonate frequencies (ω1, ω2) respectively are a function of the inductor Q-factor

[25]. Therefore, a large Q-factor is required to maintain a high impedance at these

frequencies.

5.5 The Control Loop Design

Since the amount of harvested power is directly proportional to the available RF

power, the control loop is continuously checking the amount of harvested power to

track the high RF power. This continuous tracking of the RF power in a wide band-

width between 900 MHz and 2.4 GHz requires an autonomous and reconfigurable

operation. If a low RF power occurred in one band, the harvester automatically

switches the operating frequency to the other band. To do so, as explained in the

previous sections, a control loop is required.

The control loop includes a two-stages error amplifier that compares the rectifier

output voltage with an on-chip reference voltage (Vref ) that generates a tuning signal

(Vtune). This signal is used to switch the harvesting frequency of REC I from 0.9 GHz
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to 1.2 GHz.

The CMOS voltage refrence circuit design shown in Fig. 5.4 is utilized [71]. The

voltage refrence Vref provides the control loop with a supply-independent and a

temperature-stable voltage of 0.7 V.

A start-up circuit consisting of (MS1, MS2 and MS3) injects an initial current into

the drain of M6 once the accumulated voltage in the capacitor Cchar2 reaches 0.6 V.

The start-up circuit is used to prevent this self biasing reference generator from a zero

current operating point and it turns off as soon as normal operations starts. Table

5.2 presents the MOS dimensions of the refrence generator circuit.

Fig. 5.5 shows the post-layout simulations of the reference circuit, where σVref/σVDD

is 31.5 mV/V for a load current equal to 10 μA while it is equal to 55 mV/V for load

current equal to 50 μA. Fig. 5.6 illustrates the output voltage when the supply volt-

age varies between 0 V to 2 V. The reference generator is tested against temperature

variation between 0oC to 100 oC.

The circuit design of the error amplifier is shown in Fig. 5.7. It includes a non-

inverting two-stage op-amp with an NMOS input stage (M1,M2). All the transistors

in the op-amp are working in the saturation region except (M5, M7) are in the sub-

threshold region to boost gm to improve the gain-bandwidth frequency (GBW) and

to push the output pole and zero to a higher frequency.

Table 5.3 shows the devices dimensions in the amplifier circuit. Frequency com-

pensation is achieved by including the capacitance Cc and Rz between M4 and M6

where Cc = 1 pF and Rz = 0.4 KΩ. The biasing current for the error amplifier

is 200μA. Fig. 5.8 illustrates the stability analysis of the negative feedback system

performed to ensure enough phase margin. The results implies a DC gain of a 53.5

dB and a unity gain frequency of a 4 MHz. The phase margin is found to be 65o. The

control loop consumes 0.67 mW of the 1.14 mW total storied power in the auxiliary

rectifier.
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Figure 5.4: The schematic diagram of the self-biasing reference voltage generator.
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Table 5.2: The Reference Voltage Circuit Dimension.

Device width (μm) length (μm)

MS1 1.2 0.6

MS2 0.6 0.6

MS3 0.6 0.12

M1 6 0.12

M2 0.6 0.12

M3 6 0.12

M4 0.6 0.12

M5 6 0.12

M6 0.6 0.12

M7 6 0.12

M8 2 0.12

R 2.7 KΩ



114

0

0.1

0.2

0.3

0.4

0.5

0.6

0.7

0.8

0.9

1

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8 2

Re
fe

re
nc

e V
ol

ta
ge

 (V
 )

Power Suply Voltage (V)

 Iout=5.00e-05
 Iout=4.00e-05
 Iout=3.00e-05
 Iout=2.00e-05
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supply variation of a load current between 50μA− 200μA.

5.6 The Tunable Matching Network

The impedance matching network (MN) between the antenna and the rectifier plays

an important rule in the power transfer. To achieve a maximum power transfer, the

MN ensures the harvester impedance matches the antenna impedance. Also, the MN

can be used to improve the rectifier sensitivity by boosting the input power to a

higher level [72] as can be seen in (5.10). This can be done using two high-Q off-chip

inductors.

Vrec =
Vant

2

√
1 +Q2 (5.10)

Fig. 5.9 illustrates the antenna-rectifier interface modeling of a rectifier that har-

vests from two RF bands. The dual harvesting frequency is achieved by employing

dual shunt varactors (Cvar1 and Cvar2) at the input of the rectifier to vary the input

impedance.

The proposed MN enables the instantaneous and continuous control of the input

impedance based on the available input power. The effective input impedance of
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Figure 5.7: The schematic circuit of the error amplifier.
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Figure 5.8: The post layout simulations of the stability analysis of the two-stages
error amplifier gain magnitude and phase.
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Table 5.3: The Error Amplifier Device’s Dimensions.

Device W (μm), L in/(μm)

M1 1, 0.1

M2 1, 0.1

M3 4, 0.1

M4 4, 0.1

M5 4, 0.1

M6 4, 0.1

M7 35, 0.13

Mbias 1, 0.1
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Vout
Vrec

Figure 5.9: The modeling of the antenna-rectifier circuit for a dual frequency har-
vesting.
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REC I varies based on the incoming signal from the controller to track the high RF

power. Each converter is designed to resonate at its specific frequency. This has

been achieved by allowing the effective input capacitance value to change, such that

it varies between a nominal value C1 and a new controlled value denoted by C2 to

tune the MN to the desired frequency:

ω1 =
1√

Lm C1

(5.11)

ω2 =
1√

Lm C2

(5.12)

where C1 and C2 are the rectifier effective input impedances at ω1 and ω2 respec-

tively.

5.7 The Rectifier Circuit Design

Typically the design requirements of the RF-DC harvester are: efficiency, output

DC voltage and sensitivity (which is the minimum voltage to turn-on the CMOS

rectifier). The classic Dickson multiplier [73] consists of a cascade of diode-connected

MOS transistors. At each node of the diode chain, the RF signal is injected through a

pair of coupling capacitors. Through charge sharing, the output voltage of each stage

is effectively multiplied with respect to that of its input. The Dickson multiplier

suffers from a very poor PCE due to the losses associated with the MOS threshold

voltage (Vth).

The aspect ratio of the transistor (W/L), the number of stages (N) and the size

of the coupling capacitor (CN) are key design parameters. The simulation results in

Fig. 5.10 indicate that the number of cascaded-stages determines the amount of the

harvested voltage. CN is necessary to ensure the AC voltage is added in parallel.

These capacitors should be sized carefully to avoid voltage division with the parasitic

capacitors and to keep the chip area small.

Increasing the harvested voltage requires either more stages or a larger transistor

but in both cases this will increase the associated losses due to the leakage current

and to the parasitic capacitances. In general, increasing the dimension of the MOS

transistor reduces Ron. However, selecting the proper dimension depends on many
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Figure 5.10: The rectifier output voltages for different number of stages at Vin = 70
mV.
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factors such as the required load current, the charging time and the number of stages.

Selecting the proper MOSFET dimension in the rectifier circuit plays an important

role in determining the load current (Iload).

Figure 5.11 illustrates the relationship between the transistor width and the

amount of the harvested current of a single stage rectifier for an input RF power

equals to -10 dBm. The result implies that the rectifier output current increases by

increasing the width of the transistor. To meet the requirement of a WSN in terms

of the load current, the charging time, the efficiency and the output voltage, a four-

stages dual band energy harvester is presented in this work and it is boosted by a

secondary two stages rectifier to improve the efficiency.

5.8 The Triple RF Harvester Circuit Design

Fig. 5.12 demonstrates the circuit design of the autonomous and reconfigurable triple

band energy harvester. REC I and REC II are implemented using the conventional

cross-connected differential rectifier [64]. REC I and REC II are comprised of four

and two cascaded stages respectively.

The error amplifier compares the output voltage of REC I with Vref and provides

Vtune signal to switch between the RF frequencies ω1 and ω2 instantaneously and

autonomously. REC II is resonating at a third RF band. Also, Vtune is utilized to

boost the input voltage of REC I. This voltage is defined here as Vboost.

REC I operates at 900 MHz, when the rectifier output voltage Vout1 at ω1 is lower

than Vref , Vtune signal is enabled and it shifts the resonant frequency of the rectifier

to a 1.2 GHz. At ω2 and when Vout1 is lower than Vref , Vtune is disabled allowing the

resonant frequency of the rectifier to go back to ω1. REC II harvests at ω3=2.4 GHz.

When REC II output voltage Vout2 reaches 0.6 V, the control loop ( including the

reference voltage generator and the error amplifier) is activated.

The control loop is activated when the amount of the harvested power at REC

II reaches 1.14 mW. The control loop consumes 0.6 mW which is approximately

half of the harvested power of REC II. The applied boosting voltage boost is used to

compensate for different types of losses including the leakages.
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123

Figure 5.13: Photograph of the the harvester layout.

5.9 The Results and Discussion

The proposed triple-band harvester is designed, simulated and implemented in 65nm

CMOS technology. Fig. 5.13 shows the layout of the proposed harvester. It occupies

die area of 0.47 mm X 0.167 mm without pads.

Four off-chip 4 nH inductors with a Q equal to 14 are used to match the 50 Ω

antenna impedance at the input impedance of the differential rectifier. The initial

operating frequency is assumed to be at 900 MHz; when Vtune signal is disabled, the

900 MHz is maintained. When Vtune signal is enabled, the input impedance of the

MN is shifted to 1.2 GHz. Fig. 5.14(a) shows the input impedance of REC I and

REC II at 900 MHz, 1.2 GHz and 2.4 GHz respectively.

At the beginning of the harvesting operation, there is no initial energy available to
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activate the control loop. The harvested voltage increases slowly with time, when Vout2

reaches 600 mV, the control loop is activated. To ensure the continuous operation,

the capacitor Cchar2 discharges till VL = 1 V.

Once the control loop is activated it compares the amount of the harvested voltage

Vout1 that is accumulated at Cchar1 with Vref . The error amplifier output signal Vtune

is enabled when the harvested voltage is smaller than the reference voltage Vref (

Vout1 < 0.7 V). The error signal Vtune is disabled when the accumulated voltage

at Cchar1 is bigger than the refrence voltage Vref (Vout > 0.7 V) as illustrated in

Fig. 5.14(b).

In Fig. 5.15(a), the harvested voltage Vout1 is higher than Vref . Therefore, the

control signal Vtune reduces with time until it reaches zero ( disabled). Hence, the

operating frequency remains at the 900 MHz since the RF power is high in this case.

In Fig. 5.15(b), the harvested voltage Vout1 is smaller than Vref . The control signal

Vtune increases with time (enabled) until it reaches 0.2 V. That means the harvesting

frequency is switched from 900 MHz to 1.2 GHz because the RF power at the 900

MHz was low.

The ripple of the rectified voltage depends on the available input RF voltage.

Regarding Vtune signal, since the ripple amplitude is around 50 mV these ripples have

no affect on the tuned frequency.

As discussed earlier, this work is targeting a very low RF input voltage (ampli-

tude). The amount of the harvested voltages of REC I and REC II are presented in

Fig.5.16(a). The control signal Vtune is employed to boost the harvested voltage. This

harvester is evaluated at the three RF bands for an input voltage varies between 50

mV and 450 mV. The result implies that a 30% and 10% increment in the harvested

voltage are achieved when the boosting voltage is applied at 900 MHz and 1.2 GHz .

Fig. 5.16(b) shows the harvester PCE results versus the RF input voltage evalu-

ated at the three RF bands with the boosting voltage. The PCE is defined here as

the ratio of the DC output power (Pout) to the available RF input power (Pin).

PCE =
V 2
out

RLPin

(5.13)

For an input voltage between 50 mV and 450 mV, the results indicate that the

presented harvester maintains a PCE above 30% for a wide input range at 900 MHz
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and 2.4 GHz and above 20% at 1.2 GHz. The results imply that the peak PCE

increased from 38% to 43% at 900 MHz and it increased from 27% to 33% at 1.2 GHz

when the boosting voltage was added. For REC II, the rectifier has a peak PCE of

57% at 2.4 GHz. Note, REC II has higher efficiency because the tuning matching

network in REC I has created a voltage division.

Table 5.4 summarizes the performance of the proposed harvester and compares it

with recently published works. Among the many comparison parameters shown in

Table 5.4, the reconfiguration and the autonomous RF tracking are the important

factors. The proposed solution harvests from three RF bands 900 MHz, 1.2 GHz and

2.4 GHz and utilizes only two rectifiers while in [70], [66], [69] two rectifiers are used

to target two frequencies. Moreover, a high PCE is achieved compared to other state

of the art works. It is important to mention here, the minimum startup power is not

important in this design because whenever the harvested power is less than 0.7 V,

the harvester switches the operating frequency.

5.10 Summary

An autonomous energy harvester capable of performing a high RF power tracking

is presented. The proposed system is based on the RF harvesting approach from

three bands. The circuit includes a reconfigurable dual multi-stage rectifier and a

control loop. The harvester has the potential of being deployed with a remote sensor

node to enhance the node’s operational life-time. A peak PCE of 57%, 43% and 33%

are achieved at 2.4 GHz, 900 MHz and 1.2 GHz. A 30% and 10% increment in the

harvested voltage are achieved due to the boosting voltage addition at 900 MHz and

1.2 GHz.
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Table 5.4: Performance and Comparison with Prior State-of-the-Art RF Harvesters.

Specification
This
work

[69] [70] [66] [19] [74]

Number of harvesting bands 3 2 2 2 1 1

Reconfiguration and au-
tonomous RF-bands track-
ing

yes NO NO NO NO NO

Efficiency PCE(%)
57, 43,
33

11, 14 45, 56 55, 64 36.8 11

Minimum startup RF
power(dBm)

-16 -19.3 -10,-15 -9.6 -18.4 -18

Output voltage (V) 1, 2.4 1, 1.1 0.9, 1 1 1.2 1.2

Rectifier stages 4, 2 4 2 3 5 17

CMOS Technology 65nm 0.13μm N/A 0.13μm 40nm 90nm



Chapter 6

The Conclusion

6.1 Conclusion

In this research, a 2.4 GHz QPSK transmitter is designed and implemented in TSMC

65 nm CMOS technology under a 0.4 V power supply. Our research demonstrated

a solution that is significantly more energy efficient. Such a transmitter is highly

demanded to realize the communication front-end of the biomedical WSN.

This research presented two types of a class-E power oscillator circuit design. This

included a design methodology, an analysis and the mathematical equations. The

first type was part of a QPSK transmitter fully integrated and tested. This power

oscillator was represented in Chapter 4 which utilized a class-D pre-amplifier in a

positive feedback configuration and three on-chip inductors with wide tuning ranges.

The second power oscillator was presented in Chapter 3 which used an inverter as a

pre-amplifier in positive feedback configuration with two inductors on-chip and lower

power consumption and smaller tunning ranges This oscillator was intended for more

area efficient design to reduce the fabrication cost. It was intended to fabricate a

second chip including the RF powered transmitter, but this was not possible due to

funding restrictions.

Our novel class-E transmitter employed a class-E power oscillator for the direct

modulation. This prototype optimized the power consumption and the output power

to achieve a good efficiency and a high data rate.

A novel technique for the PM was presented with a detailed analysis and the

mathematical equations. The presented PM technique improved the power consump-

tion, the data rate, the efficiency and the energy/bit FOM. The new PM techniques

enabled us to develop an energy efficient transmitter. The required 90o, 180o and 270o

phase shifts were achieved without the need for an additional circuit. The PM pulse

generator was designed and implemented according to the developed mathematical

equations of the proposed PSK modulation scheme.

130
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The transmitter was designed and implemented using TSMC 65 nm CMOS tech-

nology. The measurement indicated a 2.9 mW power consumption while achieving a

69 Mbps data rate and an energy/bit FOM of a 42 pJ/bit.

An autonomous energy harvester was introduced in Chapter.5. It performed a high

RF power tracking to maximize the harvested DC power and enhance the efficiency.

This simultaneous triple RF band energy harvesting system has the potential of being

deployed along with remote sensor nodes to enhance their operational life-times.

The harvester included two multi-stage rectifiers that harvested from three RF

bands: 900 MHz, 1.2 GHz and 2.4 GHz. A control loop was implemented to recon-

figure the harvesting frequency of the main rectifier based on the amount of available

input power. The results showed a peak harvesting efficiency of 57%, 43% and 33%

at 2.4 GHz, 900 MHz and 1.2 GHz respectively.

Finally its worth mention here that implementing and optimizing the RF inte-

grated circuits in the layout level is an important, challenging and time consuming

engineering task. Also, it was a lengthy process to optimize and to improve the test-

setup for reducing its effect on the performance of the fabricated prototype circuit.

6.2 Recommendations for Future Work

Some improvements of the presented class-E transmitter and the triple band energy

harvester for a battery-less operation are listed below as a future work.

• In the implementation of our novel power oscillators presented in Chapter 3

and Chapter 4, the compensation for any frequency deviation due to PVT

variations is done using analog control voltage. This solution might not be

feasible for applications requiring a high accuracy or an autonomous operation.

In this case, more elaborate frequency compensation can be explored for better

performance.

• As a next prototype, it is recommended to integrate on-chip the refrence fre-

quency used in injection locking in order to be fully integrated. Since the

autonomous compensation for any frequency deviation is very beneficial, one

way of doing this is by taking advantage of the on-chip refrence clock.
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• Our novel class-E power oscillators (including the two designs presented in

Chapter 3 and 4 show promising results in terms of reducing the power consump-

tion and the power efficiency, therefore exploring the differential architecture can

be a good alternative direction.

• The autonomous triple band RF harvester is designed, implemented and verified

however, it still requires a highly efficient power management unit.

• Although an energy efficient transmitter is developed in this dissertation, a

WSN transceiver that can be implemented by combining this transmitter with

a receiver is still required for WSN. One possible future work includes the investi-

gation of the fundamental limitations for the energy-efficient WSN transceivers.
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